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“Dona’m la ma, dona’m la veu

i proclamem que

tot esta per fer, tot és possible avui,

fem sentir arreu

com s’exalta el vell desig d’'un mon millor.”

“Give me your hand, give me your voice

and let’s proclaim that

everything is still to be done, everything is possible today,
let our voices be heard anywhere

how the ancient desire of a better world is exalted.”

Miquel Marti 1 Pol — Lluis Llach
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Charge spent from the voltage source to change the state
(including both state transitions) of the load device connected
to the tapered buffer output

Transistor channel resistance at the beginning of the turning-on
action

Transistor channel resistance at the end of the turning-on action
Output capacitor equivalent series resistance (ESR)

Resistor corresponding to the gate terminal of a single MOS
capacitor

Inductor equivalent series resistance (ESR)

Metall layer square resistance

Metal?2 layer square resistance

Metal3 layer square resistance

Metal-Insulator-Metal capacitor equivalent series resistance (ESR)
Transistor channel resistance

Bonding pad resistance

Resistor corresponding to the channel terminal of a single
MOS capacitor

Diffusion/Polysilicon-to-metall contact resistance

Driver equivalent output resistance

Jin’s model channel resistance due to changes in the channel
charge

Power-MOS channel conduction resistance

Polysilicon layer square resistance

Resistance value of the resistor used to sense the inductor
current

Jin’s model channel static channel resistance

Vial resistance

Via2 resistance

Inductor conductor square-resistance

3-level converter state characterized by the conduction of P;
and N, power switches

3-level converter inactivity state previous or subsequent to 7
Time by which the inductor current crosses /, in a 3-level
converter, during T

Time by which the inductor current crosses 1, in a 3-level
converter, during 7

3-level converter state characterized by the conduction of N|
and N, power switches

Time by which the inductor current crosses /,, in a 3-level
converter, during 7>

3-level converter state characterized by the conduction of P,
and N; power switches

3-level converter inactivity state previous or subsequent to 7>
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T4 3-level converter state characterized by the conduction of P;
and P, power switches

T, Time by which the inductor current crosses I, in a 3-level
converter, during 74

T; Inactivity phase of a Buck converter in DCM operation.

To NMOS conduction phase along a switching cycle of the Buck
converter. It also means the duration of this phase.

Ton PMOS conduction phase along a switching cycle of the Buck
converter. It also means the duration of this phase.

T Switching cycle duration

Vo Initial voltage

Ve, o Output capacitor initial voltage (without considering its ESR)

Vrn,p MOS transistor (N-type or P-type) threshold voltage

Vibar Battery voltage (power converter input voltage)

Vi Transistor drain voltage

Vad Voltage supply (usually is the same as the battery voltage)

Vad_driver Driver specific voltage supply

Vs Drain-to-source transistor voltage

Vis_off Drain-to-source transistor voltage when it is turned-off

Vi Final voltage

Vb1 Voltage used to adjust the 75 state duration, to get
Zero-Current-Switching operation, corresponding to the N1
switch

Vipo Voltage used to adjust the 75 state duration, to get
Zero-Current-Switching operation, corresponding to the N2
switch

Vi_sD1 Voltage used to adjust the dead-time corresponding to the
P1-N1 switches pair

Vio_sD2 Voltage used to adjust the dead-time corresponding to the
P2-N2 switches pair

Vs MOS transistor gate-source voltage

Vinax Maximum allowed gate-to-source/drain/body voltage of
a MOSFET transistor

Vo Output voltage

Vo_max Output voltage maximum value

Vo_min Output voltage minimum value

Voir Transistor turn-off applied voltage

Voffset Input offset voltage of a voltage comparator

Von Transistor turn-on applied voltage

Vi_off Hysteretic control voltage threshold that determines the
beginning of the Ty state

Vi on Hysteretic control voltage threshold that determines the
beginning of the 7,, state

Vierm Thermal voltage

Vi max High level of the v, voltage
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Wp, Py transistor channel width

Wpe, P, transistor channel width

Wonin MOS transistor minimum channel width

W, NMOS transistor channel width of a minimum inverter

Wo_driver Channel width of the NMOS transistor of the last driver stage
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Woower_MOS Power transistor channel width

% opt Single MOSCAP optimum aspect ratio
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ap Ratio used to define the tapering factor (e.g. Coyr/ Cin)

b Overhead area length of a single MOSCAP cell

bp Ratio that relates a fraction of the power MOSFET switching
losses and the output fall-rise time of a tapered buffer

di 3-level converter switching signal

d; 3-level converter switching signal

dn, N transistor gate switching signal

dn, N, transistor gate switching signal

dp, P transistor gate switching signal

dp, P> transistor gate switching signal

davg Spiral inductor average diameter

din Spiral inductor inner diameter

Aoyt Spiral inductor outer diameter

f Driver chain of inverters tapering factor

fs Switching frequency

Js_opt Optimum switching frequency

ic, Output capacitor current instantaneous value

ir Inductor current instantaneous value

iMos Transistor instantaneous current

k Proportionality factor between the switching frequency and

the output current
Sect. 7.1, transconductance factor of a MOS transistor in
the active region

153 Inductor conductor length

n Number of inverters of the driver
Sect. 3.2, MOSCAP structure number of cells

nr Spiral inductor number of turns

Nopt Optimum number of inverters of a tapered buffer

ng Number of resistance values of the staggered approach used in
the resistive switching losses evaluation

Nyides Number of sides of a geometrical shape

)4 Distance between two adjacent turns of a spiral inductor
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Chapter 1
Introduction

1.1 Motivation

The application framework of the presented research work is stablished in the area
of the low-power portable stand-alone devices. Considering as a paradigm applica-
tion the implementation of future portable terminals for telecommunications, two
opposed trends coexist that determine the need for an optimized energy manage-
ment. An important increase in power consumption is expected in future battery
operated terminals, specially for the third and fourth generation systems (3G, 4G),
due to the increasing demand in their functionalities, extended towards audiovisual
communication and a much higher multimedia data flow (the last issue could also
be referred to the personal audio players). In addition to this, other low-power stand-
alone devices, such as the telemetric sensing devices and wireless sensor networks
motes, should be the application target of the herein presented work. Microsystems
and nanoelectronic circuits power supply fit this category as well.

On the other hand, the energy density increase of power sources (nowadays
based in lithium-ion batteries) is expected to evolve much slower than the men-
tioned power demands of future systems. Furthermore, an improvement in terms of
ergonomics and compactness is ever demanded in this kind of devices, as well as a
longer operating life (which strongly constraints the use and selection of the whole
powering system, i.e. from the battery to the power management circuitry).

In front of this scenario, a highly optimized energy management is needed in
order to preclude a powering crisis in this kind of systems. This optimized energy
management requires investigation in two complementary subjects:

e Development of different techniques to reduce the energy consumption of load
subsystems (digital circuits, processors and DSP, as well as RF circuits). A
notable amount of work has been done in this area, resulting in some advanced
techniques such as the Adaptive Voltage Scaling (AVS).

e Optimization of the power management subsystems (in terms of energy effi-
ciency) between the power source and the on-chip load.

In the context of the later research line, it is observed that the continuous trend
towards the miniaturization of energy control and management subsystems (strictly
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required throughout any telecommunications and computation portable systems or
in aerospace applications), which are in charge of providing the required supply
voltage and guarantee an efficient energy conversion, lies on the global impact that
those power management subsystems represent in terms of weight and volume occu-
pation.

Therefore, the research on the powering processing systems have become a key
issue in the roadmap of such applications, as it previously happened in the informa-
tion processing systems area. As a response in front of all the aforementioned issues,
the main specifications of the powering processing systems have become to pro-
vide high energy-efficiency, miniaturization, reproducibility, and the always present
cost reduction (specially in mass market products). All these requirements deter-
mine a line of convergence towards the fully monolithic integration of the powering
systems.

Moreover, other benefits would stem up from the fully integration of the power
management systems: complete customization for any different design, and reduc-
tion of the effect of the several parasitic elements from the system package on the
power supply conditioning.

In case of full integration, the compactness and the cost reduction appear as a
joint target, since the occupied area of silicon is directly related to system imple-
mentation cost.

Having determined the interest of achieving the full monolithic integration of the
power management systems, it is also of primordial relevance the technology used
to develope them, in terms of the fabrication costs, performance, design complexity,
availability, etc... In this sense, a range of technological options appears, as regards
the semiconductor used as substrate or the devices developed: bipolar, standard
CMOS (fully digital or mixed signal), complementary bipolar-CMOS (BiCMOS),
Silicon-Germanium (SiGe), Gallium-Arsenide (GaAs), Silicon-On-Insulator (SOI).

Although many of them offer much better device performance, nowadays, the
most widely used is the standard CMOS technology. In fact, due to its extended
production (mainly in the field of digital electronics), the derived lower fabrication
costs have driven the RF systems design from more suitable technologies (i.e. GaAs)
to the standard CMOS, at the expenses of poorer performance, which habitually
have pushed the designer skills to develope more ingenious solutions, in order to
get the desired functionality. The same reasoning could be applied to the field of
high-performance pure analog systems.

Consequently, being the standard CMOS technology the convergence line of the
different design fields that appear in the Systems-On-Chip (SOC), it is proposed to
use it to develope the integrated power management systems.

At this point, it is also necessary a brief introduction on several example applica-
tions that would benefit from the aforementioned on-chip power management.

e An energy efficient simple voltage regulation of the power source for typical
circuits that can be found in a System-On-Chip.

e Variable voltage supply of RF power amplifiers. Particularly interesting is the
technique of polar power amplification for RF amplifiers, known as envelope
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elimination and restoration or Kahn technique, which requires a baseband and
wideband amplifier, ideally implemented by a switching amplifier [8—11].

e The Adaptive Voltage Scaling (AVS) technique that leads to an optimization of
the power consumption in digital circuits (microprocessors and DSP), by varying
the voltage supply to the minimum required as a function of the computational
load. Such approach, in an SOC environment, requires an integrated efficient
on-chip converter, hence becoming one of the bottlenecks in the success of this
power-saving technique [12-17].

Since the last two applications would require the design and development of spe-
cialized control systems, and their corresponding implementation, this work focuses
on the first one, as a first step in the development of more complex on-chip power
management systems.

Three different approaches can be found for active power regulation:

Linear converters, whose efficiency is in first-order proportional to the input-
to-output voltage ratio, although they can be easily integrated because their
lack of reactive components. Since they offer a ripple-free output voltage
they are preferred as power sources for analog and RF systems. As observed,
their main drawbacks are the poor power efficiency, and their incapability to
provide output voltages higher than the input [18, 19].

Switched capacitors converters (charge-pumps). This kind of power converters
can provide an output voltage higher than its input without the need of induc-
tors (which is interesting in applications such as the supply of RF amplifiers
and TFT displays). Since they only require capacitors and transistors, they
can be easily integrated as well, but at the expense of using a larger amount of
occupied area, as compared to the linear counterparts. Their energy efficiency
is lower than in the LC converters, and the output regulation is rather poor
[20-24].

LC switching power converters, that exhibit the highest efficiency (theoretically
100%), and depending on the topology, they provide step-down and step-up
functionalities. Their main drawbacks are the existence of ripple in their out-
put voltage (due to their switched operation), and the unavoidable require-
ment for at least one inductor, which becomes the most difficult component
to integrate in standard CMOS. In the rest of this thesis, they will be simply
referred as switching power converters [25-28].

The two first options are currently commercially available because of their better
suitability to integration in spite of its lower efficiency. The third one, which is
the main target of this thesis, constitutes the goal implementation in future systems
because of its expected higher energy efficiency.

In spite of all the developed work related to the switching powers converters area,
paradigm of the high efficiency power conversion, additional research is required
to achieve their monolithic integration [29-36]. A complete success in this field,
that is the conceptual framework in which the present work focuses, has not been
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accomplished although it is becoming especially strategic and many applications
would benefit from it. This is due to the fact that it requires a multidisciplinary
approach from several areas such as power electronics (particularly high-frequency
switching power converters), control theory (linear and non-linear techniques) and
analog microelectronics (in order to implement the corresponding control loops,
as well as the required power components of the power converters). This neces-
sary concurrence should eventually lead to the Powered-System-On-Chip (PSOC),
which not only includes the particular information processing systems (this is, dig-
ital, analog and RF parts), but also includes the power management systems, so
that the whole system is included on the same silicon die or, at least, in the same
package.

1.2 Technological Scenario

After the presentation of the conceptual framework that surrounds the presented
thesis (including the global interest, justification and requirements), in this section
more particular information is provided to justify the selected application parame-
ters used as the design guideline to propose the fully integration of the switching
power converter.

In order to choose the main converter functionality (this is, input-to-output volt-
age ratio), it is important to have a look at some of the main data related to the most
recent battery technologies (which, throughout the whole thesis, are supposed to be
the input power source), and the CMOS technologies (which will be the target loads
to be supplied by the designed switching power converter).

In Fig. 1.1 the energy density and the output voltage of the most widely used
battery technologies (particularly, for mass market products), can be observed. It is
noted that the batteries that offer the highest energy density are the Lithium-ion and
the Lithium-polymer, that present a nominal output voltage of 3.6 and 3.7 V, respec-
tively. Additionally, it is observed that the more recent Zinc-Air also offer a high
energy density. However, they usage is much more restricted than the Lithium based
batteries. The year of their introduction into the market has been noted between
brackets.

As the output loads regards, it is interesting to observe the evolution of the volt-
age levels required to supply the cores of the most recent technology processes. In
Fig. 1.2 this evolution is presented, while showing the year of the first commer-
cial availability of each technological node. Although most of the data have been
obtained from the UMC foundry webpage [3], the forecast for the 2010 and 2013
years is obtained from the International Technology Roadmap for Semiconductors
webpage [4]. From the exposed data, the trend to reduce the voltage supply (tar-
geting the consequent static and dynamic power consumption reduction) becomes
clear, although it seems to saturate in the future processes (due to the non-zero V7
threshold of the MOS transistors).

From the previous technological considerations, it results that a wider use of
the step-down power conversion is expected in the nearest future. Therefore, in
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Fig. 1.2 Evolution of the voltage level required to supply the most recent and future standard
CMOS technologies (referred to logic cores). Data was obtained from [3] and [4]

this thesis it is proposed to develop a fully integrated step-down switching power
converter, whose nominal input and output voltages are Vp;; =3.6VandV, =1V,
respectively.

Regarding the maximum allowable output ripple, it is set to AV, = 50mV,
following the 5% criterion.

Finally, the nominal output load current of the designed converter has been set
to I, = 100 mA, as a representative of the requirements of the low-power parts of
portable devices.

In the development of the microelectronic designs presented along the whole the-
sis, the selected technological process has been determined to be the UMC 0.25 pm
mixed-signal CMOS process.

1.3 Thesis Outline

After the introduction (Chap. 1), in Chap. 2 the design space exploration is intro-
duced and proposed to be applied to the switching power converters design and
optimization. Indeed, a global procedure including several optimizations for each
component design, which afterwards are included in the global design space explo-
ration, is proposed. In order to exemplify the presented design methodology, the
same chapter covers the complete design of a Buck converter, where simplified
models for each of the required components are used. The chapter also presents
a complete analytical model for the output voltage ripple evaluation, when taking
into account the output capacitor ESR.
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Chapter 3 presents the detailed models and optimization procedures of the four
different components that compose the Buck converter: inductor, capacitor, power
drivers (tapered buffers) and power transistors. In all cases, a state of the art review
is firstly exposed, suggesting the requirements uncovered by the previous works,
which justifies the proposed implementations and models. While only in some cases
(capacitor and inductor) a particular microelectronic implementation is proposed,
for any of them, models focusing on the energy losses evaluation, as well as the
occupied area, are provided.

From the detailed models (focused on a particular on-chip implementation) pre-
sented in the previous chapter, in Chap. 4 the complete design space exploration
corresponding to the Buck converter is carried out. The obtained results from such
optimization procedure, that yield a DCM operated converter, are discussed and
found to offer too low performance. Consequently, the search for a different con-
verter topology more suitable to its fully monolithic integration is exposed.

As a result, in Chap. 5, the implementation of an integrated 3-level converter
(with a floating capacitor) as a voltage regulator is suggested and justified. As a first
step, an analytical study of this topology is required in order to accurately determine
the impact of its main design variables upon the most representative parameters and
magnitudes, since the fully integration may force to extreme their values. Then, a
particular bootstrap scheme to connect and supply the four required power drivers
is proposed in order to allow the use of core transistors as power switches, which
leads to improved power losses reduction. The suggested use of the 3-level topology
requires the modification of some of the losses models presented in Chap. 3, which
are explained in the last section of this chapter.

At this point, the design space exploration is carried out towards the design and
optimization of the 3-level converter, whose results are collected in Chap. 6. First of
all, the results from the optimization are analyzed and an important improvement on
the classical Buck converter design is obtained (in this case, DCM operation is also
found to be the most convenient for the focused application). However, the need
to consider a wide range of output current values instead of just a single value is
exposed and justified. Additionally, this implies a proportional switching frequency
modulation, which in turn, produces an output ripple increase as the output current
is reduced. The main consequence of this new consideration is a stronger constraint
of the design space, which forces to carry out a new design space exploration, from
which the 3-level converter design to be finally implemented is obtained.

Chapter 7 covers the microelectronic design and implementation of the circuits
required to approach the converter switched operation as expected (mainly due to
the employment of the synchronous rectification scheme in addition to the DCM
operation). Therefore, in this chapter, full custom mixed-signal circuit proposals to
automatically adjust the dead-time between power switches gates signals (in order
to avoid the body-diode and the shot-through events), and the moment at which the
NMOS switches are turn-off (in order to obtain Zero-Current-Switching operation),
are presented and validated by means of transistor-level simulations. The design of
other additional needed circuits is also covered in this chapter. In addition to this,
the layout designs corresponding to all these circuits, as well as the converter power
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components (namely inductor, capacitors, power switches and power drivers) is also
presented. At the end of the chapter, transistor-level simulation results involving the
whole designed system are presented, and the proper functionality as well as good
matching with the proposed models is observed.

Finally, Chap. 8 summarizes the conclusions of the thesis, also including the
future research lines derived from the presented work.



Chapter 2
The Design Space Exploration: Simplified Case

Abstract In this chapter, the design space exploration is exposed and explained
as the main tool to get an optimized design of a fully integrated switching power
converter. The converter output voltage ripple is used to constraint the design space,
while the merit figure to be optimized is defined as the power efficiency versus
the occupied silicon area ratio. Additionally, an overall structure of the design
space exploration including particular optimizations for each component design is
proposed. Then, simplified models for the converter integrated components (i.e.
inductor, capacitor, power drivers and power transistors) are presented, as well
as an analytical output ripple model that takes into account the output capacitor
Equivalent-Series-Resistance (ESR). Finally, the design space exploration optimiza-
tion procedure is exemplified by means of the design of a classical Buck converter,
where the simplified components models are used.

2.1 Main Concepts and Design Procedure

In the first steps of a switching power converter design (once the required topology
has been determined), there are many questions and decisions to answer regard-
ing input and output voltage ranges, output current, switching frequency, the reac-
tive components values (mainly inductors and capacitors), transformer input—output
voltage ratio (if any is required by the design), even some dynamic performance
parameters such as bandwidth. If different technological options are considered to
implement the power switches and their corresponding drivers, the design options
can become overwhelming.

In order to develop an appropriate design procedure, it is interesting to classify
the design variables or parameters into different categories to identify their impact
upon the design characteristics or performance. In the following, groups proposed
herein are presented.

Application parameters. Those parameters that are completely defined by the
application needs, like input and output voltage ranges, output current capa-
bility and output voltage ripple. Usually, application parameters appear as
hard constraints in the design space. Additionally, other less conventional

G. Villar Piqué, E. Alarcén, CMOS Integrated Switching Power Converters, 9
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parameters or constrains can be defined: radiated interferences spectrum,
maximum input current, etc. ..

Static design variables. Conventional design variables, such as inductance and
capacitance value, or the voltage conversion ratio of a transformer. We call
them ‘static’ because although they offer degrees of freedom in the design
stage, they become fixed once the design is implemented.

Dynamic design variables. The main dynamic design variable that appears in
the design of a conventional switching power converter is the switching
frequency, since although it can be determined during the design stage, it
offers an additional degree of freedom once the converter is implemented,
that allows to better fit to application parameter changes.

Performance factor. This category includes those factors that indicate the power
converter quality, once application parameters are satisfied or accomplished.
Most common performance factors are energy efficiency in power conver-
sion, the bandwidth of the output response versus the control signal, the
volume and area occupation, its weight. They can appear as soft constraints,
since they might not invalidate the design despite it could be interesting to
maximize or minimize them. In fact, depending on the application, they could
be totally or partially defined as application parameters (i.e. in case where a
minimum power efficiency is required, or a maximum weight is allowed).

Technological information. This refers to information related to the physical
implementation of the converter components, specially in case of the power
switches and their corresponding drivers. Although first order approach
designs do not require detailed information about the technology used to
implement any component, information about non idealities and parasitics
is needed to take into account some performance factors (e.g. energy effi-
ciency).

In Table 2.1, the previous classification is summarized. In this case, only those
variables that are particularly relevant for the case of integrated switching converters
are shown.

Obviously, the categories and what they include could change if non conven-
tional designs are considered, i.e. multiple conversion ratio transformers, variable
capacitors, etc. ..

From the previous classification a design procedure is derived, which is described
in the following.

1. First of all, taking into account the application parameters, some converter
topologies are selected to fit specifications, and the corresponding required ideal
analytical expressions for voltages and currents are obtained. In this design step,
system-level simulations can be used to confirm that the selected topologies
(it could be interesting to consider more than one topology, in order to select
the optimum one afterwards, from the performance factors evaluation) suit the
application parameters.
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Table 2.1 Design variables and parameters classification used in the thesis

Category Parameters/Variables

Application parameters Input voltage range
Output voltage range
Output current range
Output voltage ripple

Static design variables Inductance value
Capacitance value
Dynamic design variables Switching frequency
Performance factors Energy efficiency
Occupied area
Technological information Equivalent parasitic resistances for each component

Parasitic capacitors for each component
Capacitive density (capacitance per area)
Inductive density (inductance per area)

2. Then, the design variables (static and dynamic) impact on the design are deter-
mined by means of ideal expressions or model, and some performance factors
can be evaluated (i.e. maximum inductor current). At this point, converter topolo-
gies options should be shrunk down to a few ones that suit the application; and
some design variables range of values should be partially delimited, by checking
some application parameters fulfillment (e.g. maximum output voltage ripple).
Power switches are considered ideal and no parasitic components or non ideali-
ties are considered.

3. The following design step implies a further increase in the model complexity.
It is necessary to decide the technological implementation of the different com-
ponents of the switching power converter. In case of integrated monolithic con-
verters, this requires to select the microelectronic process used to manufacture
the design. The foundry provides information about what is feasible or unfeasi-
ble to implant in the selected process, and detailed models for components that
lead to parasitic characterization. The addition of all this information generates a
notable increase in the converter model complexity, and circuit-level simulations
become fundamental (although complex system-level simulation are still inter-
esting). The result of this design stage is the evaluation of performance factors
such as energy efficiency and volume (or area) occupation, which should lead to
an optimized design.

It should be noted that steps 2 and 3 of such design procedure should be carried
out for any different selected topology, to choose the one that provides the best
performance factors. Furthermore, it is possible that, in spite of the accomplishment
of the application parameters, the evaluation of the performance factors results in
so poor quality or performance that another topology or design must be considered
from the initial point (Fig. 2.1 summarizes the whole process explained above).

Therefore, once the design variables have been identified and their corresponding
range of values have been constrained by the application parameters criteria, any
combination of design variables values should be explored to evaluate the selected
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Fig. 2.1 Proposed design procedure. The optimized design is obtained by means of the design

space exploration
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performance factors. For the sake of simplicity, all the performance factors can be
joined in a merit figure definition to obtain a single index that leads to a mathemat-
ical maximization, in order to get the desired optimized design. In the following,
a representative merit figure definition suitable to mathematical maximization is
provided:

AeBb
oo @D
where A and B are the performance factors to be maximized, whereas C and D
should be minimized. The lowercase exponents (a, b, ¢, and d) are the correspond-
ing weights assigned to each performance factor in the merit figure definition.

The exploration of all the design variables sets of values, searching the optimized
design, is what we call the design space exploration.

From a mathematical standpoint, the constrained design space exploration (and
the corresponding optimization) could be described as follows:

minimize —  f,(X) (2.2)
subject to — fi(x) <b; i=1,---,m (2.3)

With the following definitions:

X = (x1,x2, -+, Xp) —> design variables (L, fs, Cy) 2.4)
fo : R" — R — objective function (2.5)

fi:R"—> R, i=1,---,m —> constraint functions (2.6)

In general, main function f,(x) and constraint functions f;(x) will be non linear
(even non continuous functions), which precludes the obtention of the optimized
design by means of analytical procedures.

It should be noted that with the inclusion of technological information, the design
of each converter component is related to its non idealities, such as its equiva-
lent series resistance (ESR from now on), parasitic capacitances, area occupation.
Therefore, given the variables that may appear in each component design, the par-
ticular design of the several components that compose the whole converter should
be optimized to improve its energy losses or area. In fact, this is one of the strongest
points that the microelectronic integration of switching power converters offers:
any component can be particularly optimized for any converter design, (by the
designer itself), instead of being already implemented by a third-party manufacturer
(Fig. 2.2).

As a result of their monolithic integration, one of the performance factors to
be evaluated in the design is the occupied die area, since it is directly related to
the manufacturing cost of the system (in microelectronics, the cost of a chip is
proportional to the used area of silicon). The other most important performance
factor to be evaluated is the energy efficiency in the power conversion, since it is
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Particular optimization
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Fig. 2.2 Design space exploration by means of components particular optimizations and the cor-
responding performance factors evaluation
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the main reason in the idea of integrating this kind of power converters and in case
of standard CMOS technologies such high efficiency is not assured because those
processes have not been conceived for power management applications. A second
order performance factor to take into account is the maximum inductor current, to
reduce the converter components electrical stress. Obviously, whereas energy effi-
ciency should be maximized, occupied silicon area and maximum inductor current
are desired to be minimized.

2.2 Simplified Approach for a Buck Converter

The application considered in the development of the design of this work is intended
to supply energy to core digital or RF integrated circuits for portable devices, from
an external energy source, mainly a Li-lon battery (that provide a nominal voltage
of 3.6 V). In fact, it would become a part of a Powered-System On-Chip, PSOC, that
integrates all the required functions (or, at least, as many as possible) of the portable
device, even the power conditioning system. Because of the continuously decreasing
voltage supply of such core circuits in the newest technology nodes (trying to reduce
power consumption and their dimensions), as an example, the power converter will
be designed to supply a 1V voltage source. Additionally, the considered nominal
output current will be set to 100 mA (which is representative for applications such
as power supply of portable devices: MP3 players, some parts of more complex
Hand-Held devices, etc...).

Hence, a conventional Buck converter is the first topology considered to develop
the design, because of its ability of reducing input to output voltage and its simplic-
ity (which can be a very important factor to take into account when attempting to
develop a fully integrated prototype).

2.2.1 Continuous and Discontinuous Conduction Modes

Most of the switching power converters can be considered to operate in two different
modes depending on the evolution of the energy stored in their corresponding main
inductor.

e A switching power converter is understood to work in continuous conduction
mode (corresponding to the acronymous CCM, from now on) if its inductor
current is different from zero at any time, independently of its switching phase
(Fig. 2.3a).

e The discontinuous conduction mode (DCM from now on) appears in the con-
verter operation if its inductor current becomes and remains zero for a given
amount of time, which can range from being almost instantaneous (operation
on the edge between DCM and CCM) to last for most of the switching period
(Fig. 2.3b).
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Fig. 2.3 Output voltage and inductor current ideal waveforms for a Buck converter in both operat-
ing modes: a CCM; b DCM

The previous classification becomes of capital importance when analyzing the
converter behavior and its corresponding expressions, and, as it will be seen after-
wards, the energy losses in each different converter component.

2.2.2 Converter Components Simplified Models

In this section models for all of the converter components are provided. Even though
considered as simplified models, these are complex enough to allow the correspond-
ing energy losses calculation as well as its area occupation. Hence, the two first steps
of the design procedure proposed in Sect. 2.1 are skipped (since they are covered in
detail in the literature), and some technological information is included to allow the
performance factors evaluation.

2.2.2.1 Inductor Model

The main inductor of the buck switching power converter is the most difficult com-
ponent to be integrated on silicon, since in standard CMOS technologies no special
materials, such as ferromagnetic cores, are available to increase the self-inductance
coefficient.

In power management applications, the main requirements for the inductor
design are to provide high inductive density (in order to reduce the occupied silicon
area) and very low series resistance (to reduce conduction losses).

However, from the absence of a ferromagnetic core, a benefit is derived because
no core magnetization hysteresis cycle appears and thereby no switching losses are
present in the inductor. Additionally, no saturation in the magnetic field appears
as the inductor current increases (that results in an abrupt equivalent inductance
reduction).
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The on-chip implementation by means of standard CMOS technology adds an
additional constraint to the inductor design since only planar structures are possible.
Therefore, a square-shaped spiral inductor is considered as a first approach design
possibility (Fig. 2.4).

In [37] and [38] expressions for inductance value L and total path length [y,
(related to its equivalent series resistance, Ry) of a square-shaped inductor are
provided as a function of its physical dimensions: number of turns ny, inter-
nal and external diameters (d;, and d,,;), path width wy and separation between
turns p.

_ K ,u'nl%duvg

L = 2.7
1+ Kop

where p is the magnetic permeability of the material (1 = 4710~7 H/m, in absence
of ferromagnetic materials) and K; and K, are constants derived from the data
fitting procedure used to find expression (2.7) from a batch of measurements (K| =
2.34 and K, = 2.75 for a square inductor). d,y is the average diameter of the spiral
and p is defined as the fill ratio:

davg = 0.5(dous + din) (2.8)

din = dow — 2(npwr + (np — 1)p) (2.9)
dour — d;

_ Zour % (2.10)
dout + din

While the total length of the path is expressed as:

lp = 4npdayg (2.11)

Expressions for both inductance and total path length can be obtained as a func-
tion of the outer diameter and the number of turns.
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[dow — (npwr, + (o, — D))
u + (K2 — D(npwp + (np — 1) p)

L= K”m%d (2.12)
0

lp = 4npdayg = 4ng [ddout — (npwr + (nL — 1)]’)] (2.13)

Assuming that K1, K>, u, wz and p are technology-dependent constants (this
assumption will be further explained afterwards, in another chapter), outer diameter
and the number of turns are considered as the inductor design variables.

Because there are many (d,y, n) pairs that may result in the same value of
inductance, total length becomes a function to be minimized (in order to reduce the
inductor series resistance), being (d,,s, n1) pairs constrained to values that provide
the desired L value.

ny is selected as the independent variable because its values (number of turns
of the spiral) are constrained to natural values, being the d,,; value computed to
provide the required inductance. Then, the resulting pairs (d,,, ny) are used to
compute the total spiral length. The resulting series resistance will depend on total
path length /7, its width wy and thickness #,, and the conductivity of the material
used to implement the inductor o.

153 . L RO . dnp, [ddout — (npwr, + (np — 1)P)]
WO - wr, B wrt,o

R; =

(2.14)

In (2.14), the symbol R is the square-resistance of the conductor metal, which is
a very common parameter provided by the foundry, in case of planar technologies.
It models the resistance provided by an square of conductor, given the conductor
thickness (#,;) and conductivity (o), which are expected to be constant (R = # .

At first sight, it appears that having assured the desired inductance value, the
overall series resistance should be minimized, but an additional constraint should
be considered: the total occupied silicon area (Ar), that is a square function of the
outer diameter (d,,;). Therefore, the overall area is computed and a merit figure to

be maximized is defined Iy, particular for the inductor design itself.

Ap =d%, = f(L) (2.15)

1 wrt,o

FL = = 5
ALRL  dlAnp [diow — (npwp + (np — 1)p)]

(2.16)

At this point, it is reminded the dependence d,,; = f(L,nr), that leads to the
maximization of Iy, only as a function of the number of turns. Figure 2.5a shows
the evolution of I'z. The resulting series resistance and the occupied silicon area for
the selected design, are shown as well (Fig. 2.5b).

Having obtained the value of the inductor parasitic series resistance (2.14), the
corresponding conduction losses can be determined by means of the inductor rms
current value.
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Fig. 2.5 Optimization of an square spiral inductor (L = 150nH, p = 20 pum, w;, = 300 um):
a merit figure; b series resistance and occupied area
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Therefore, as stated in (2.15) and (2.19), it is observed that the occupied area
by the inductor and its corresponding power losses are a function of its self-
inductance value. Additionally, power losses also depend on the converter switch-
ing frequency, being both of them design variables considered in the design space
exploration.

2.2.2.2 Capacitor Model

The main requirement for the output capacitor implementation is to offer a high
capacitive density, that results in a high capacitance value (to reduce to amount of
output voltage ripple) while keeping reduced silicon area occupation. Moreover, to
prevent reducing power efficiency and increasing output ripple it is important to get
a low equivalent series resistance (ESR) design.

In order to get the highest capacitive density in planar environment, the parasitic
gate capacitor of MOS transistors is used to implement the output capacitor (MOS
capacitor). The main reason for this choice is that in standard CMOS technologies
the gate silicon oxide is the thinnest dielectric material that can be used between
both plates of the planar capacitor.

A common given parameter from a CMOS technology is the transistor gate
capacitive density (C,y). This is an average parameter since the MOS gate capacitor
is a non-linear function of the gate voltage, but it is a good approach if the gate volt-
age is above the threshold voltage. Therefore, the expression of the area occupied
by the MOS capacitor (Ac,) is immediate, from the desired capacitor value:

Co

Ac, =
C()X

= f(Co) (2.20)

In regard to the capacitor ESR (Rc,), it is a function of the plates and con-
tacts dimensions and materials resistivity. In standard CMOS technologies, the
top plate of a MOS capacitor is build up by polysilicon which is quite resistive,
and the bottom plate is implemented by the transistor channel, whose conductiv-
ity depends on the applied gate voltage. Additionally, it is observed that resistance
of both plates is, in fact, a function of the aspect ratio rather than the area. How-
ever, in this first approach a constant value could be considered, since the total
ESR can be reduced by the parallel connection of several capacitors (keeping the
total capacitance value), which is a common technique in case of non-integrated
designs.

Finally, from the capacitor current rms value (for both operating modes, continu-
ous and discontinuous) the conduction losses associated to the capacitor are directly
found:

8I3V,(Vpar — V,
2= —1,)" = C/W -1, — bcm (2.21)
a N
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2

VZ(Vpar — V)2V,

2=, —1,)" = o ( ”‘”2 > 0)3 by r2-1,) —ceM (222
2L f7 Vi,

Pc, =13 Rc, = f(L, f) (2.23)

In contrast to the inductor design, the direct relation between the capacitor value
and its area, as well as the relatively arbitrary and constant ESR value (in this first
approach), avoid the need for an optimization procedure of the capacitor design.

Regarding the performance factors dependencies on the design variables, it is
observed that the occupied area depends on the capacitance value (2.20), whereas
the power losses depend on inductance and switching frequency but not on the
capacitance value (provided that the capacitor ESR is independent of this design
variable), as stated by (2.23).

2.2.2.3 Power Transistor Model

Power switches suffer from two different power loss mechanisms: conduction losses
(due to the joule-effect when current flows through its parasitic non-zero channel
resistance) and switching losses (due to the coexistence of voltage and current excur-
sions during switching instants).

Conduction Losses

In order to derive the conduction losses for each power switch (that in case of CMOS
standard technology implementation are MOSFET transistors), the parasitic on-
resistance (R,;) expression as well as the rms value of the current flowing through
its channel are required.

Peond = Ron [112/105 (2.24)
Current flowing through each transistor is obtained by the corresponding expres-

sions for the case of considering an ideal switching power converter, for the DCM
operation case:

8I3V3(Viar — V)

2 '

Ippos_pem =\/ . 90LV3a 7 2 (2.25)
batJ s

813V, (Vipar — V)3

2 t

[NMOS_DCM:\/ 2 ;ng 7 2 (2.26)
bat/ S
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And for the CCM:
2 VW = Vo)r 5 Ve 2.7
PMOS_CCM — .
- 1202V} f2 ? Voar
V2V — V)3 Viar — V.
11\2/M057CCM _ u( bat 0) 2 Vbat [ (228)

1202V f2 * Viar

As stated in (2.29), in a first order approach, the on-resistance of a MOS
switch depends on the corresponding channel size (L ¢, Wpower_mos for length and
width, respectively), the voltage-to-source voltage (V) and technology dependent
constants: threshold voltage (Vry, p), gate capacitance-per-area (Cyoy) and carriers
mobility (uy,p). Typically, threshold voltage and carriers mobility will take differ-
ent values for PMOS and NMOS transistors.

. Ly
MN/PC()x WpowerﬁMOS ( Vgs - VTN/P )

Ron (2.29)

Since in the case of a buck converter implementation maximum available
voltage-to-source corresponds to the input battery voltage (Vp, for a battery oper-
ated system) when sources are properly connected to supply voltages, this should be
used to drive the MOS switches gate (to minimize the corresponding on-resistance),
resulting in the following expression:

Lmin
R()n = (2.30)
MUN/ PCox Wpower_MOS (Vbar — Vin / P)

being L,,i, the minimum channel length available in a certain technological micro-
electronic process, to reduce the on-resistance, and the parasitic capacitances
as well.

From (2.29) and (2.30) it is derived that conduction losses in a power MOSFET
become an inverse function of its channel width.

Switching Losses

Switching losses computation is addressed by means of the product of the voltage
across the channel (between transistor drain and source) and the current flowing
through it. In order to simplify the model, linear evolutions for both voltage and
current are assumed during switching actions, as it can be seen in Fig. 2.6, as well
as the corresponding instantaneous power evolution.

In order to obtain the total energy spent in each commutation, instantaneous
power has to be integrated along the commutation interval (shaded area in Fig. 2.6).

_ Ton Vontsw_on + Iqﬁ'voﬂ'tsw_oﬁ'

Eq = < 7z (2.31)
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MOSFET turn—off switching waveforms

Vds (V)

Power (W)

Time (s)

Fig. 2.6 First order approach of channel voltage and current, and instantaneous power evolution
along the commutation of a power transistor

Consequently, power switching losses are obtained from energy losses and the
switching frequency.

(2.32)

LonVon Lsw_on I off Voﬂ tsw_qﬁ"
6 + 6

Psw:fS(

In (2.31) and (2.32), variables I,,, V,, and t5, o, are the current and voltage
swings applied to the MOS transistor when turning it on, and the corresponding
duration; whereas the second terms of those expressions are referred to the turning
off action.

Table 2.2 collects the expressions corresponding to the voltage and current con-
ditions applied to both power transistors, for DCM and CCM.

While V,,, and 1,, depend on the converter design and operation, the tu,_on/of
values depend on the transistor and driver design. As a first order approach, state
transition duration of a MOS power switch can be estimated assuming that its
gate voltage evolution corresponds to the gate capacitance charge/discharge process
through the equivalent resistance of the driver last stage. In this case, a 3-time-
constants criterion can be used to determine the duration of the total change in the
gate voltage.

tow = 3Rdrivercgaz‘e = 3Rdrivercox Wpower_MOSLmin (233)
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Table 2.2 Transistor switching conditions for DCM and CCM operation

DCM PMOS NMOS
Von Vibar — Vo Vbar
21,Vo(Vpar — V,
Ion 0 Iimar = o Vo(Vbar )
Lf s Voar
Vojf Vhat VO
215 Vo (Vpar — Vo)

I 1 = | ————— 0
o fmax Lf s Viar
CCM PMOS NMOS
Von Viar Vbar

Vo (Var — Vo) Vo (Viar — Vo)
I Ipin =1, — ——— 1 c = 1, _
on Lmin o 2L Vbatfs Lmax o 2L Vour fs
Vo_ me Vbat )

Vo(Vbar — Vo) Vo(Vbar — Vo
I I =1 —_— Ipmin =1 — —/—————
off Lmax o+ 2L Vs fs Lmin 0 2L Vi fs

Hence, at this point of the analysis, it is observed from (2.32) and (2.33) that
switching losses become a direct function of the MOS transistor channel width.
The value of equivalent driver output resistance will be derived in the following
Sect. 2.2.2.4, which deals with the driver design issues.

To finish the power switch model, their corresponding occupied silicon area is
computed as a function of their gate dimensions.

Apos = Wpower?MOSLmin (2.34)

2.2.2.4 Power Driver Design and Loss Model

A power driver is required to amplify the power of the switching signal when it has
to drive the power MOSFET gate input capacitance (which usually is rather large), if
a fast gate state transition is desired. In standard CMOS technology implementations
the most usual way to implement a bi-state power driver is by means of a tapered
buffer (Fig. 2.7), which consists of a chain of digital inverters; being the transistors
of each stage larger than those from the previous by a tapering factor f.

Jv;vLQ:: %—E %—E ------ N -I I: Power
Eout

Fig. 2.7 Power driver implementation by means of tapered buffers




2.2 Simplified Approach for a Buck Converter 25

Given the size of the transistor of a minimum digital inverter (or its equivalent
input capacitance), that should be the first of the tapered buffer, and the size of
the power MOSFET to be driven (or its equivalent input capacitance), two different
variables are available to design the tapered buffer: the number of inverters n and the
tapering factor. Usually, tapered buffer designs with a constant tapering factor are
implemented, and then the relationship between the tapering factor and the number
of stages is as follows:

n Cuut
Cin

f= (2.35)
where C,,; is the power MOSFET gate capacitance and Cj, is the minimum inverter
capacitance.

Typically, in digital microelectronics research fields, the tapering factor has been
determined targeting the overall propagation delay minimization, and it has been
found the number e to be the optimum one. Having determined the optimum taper-
ing factor, the number of stages is directly derived from the input-to-output capaci-
tance ratio.

 — 1n [ NVpowermos (2.36)
B (1 + wpn)Wmin ’

being Wy, the channel width of the NMOS transistor of the first inverter, and w,
the relationship between the channel width of PMOS and NMOS transistor of each
inverter. In (2.36) it is supposed that transistors from inverters, as well as the power
MOS, have minimum channel length, to increase switching speed and reduce para-
sitic resistance.

Having determined the tapering factor and the number of stages of the whole
tapered buffer, the equivalent output resistance that charges and discharges the
power MOS gate capacitance can be obtained (Rg;iyer), through the channel width
of the NMOS transistor of the last driver stage (Wy,_griver)-

1 _ anwer_MOS

Wn_driver = Wminen7 = (+ wpn)e (2.37)
Lmin
Ririver = =
MNCoxWi_ariver(Vbar — VIn)
_ I+ wpn)eLmin (2.38)

uNCox Wpower_mos (Vbar — VIN)

In Addition to the driver output resistance, its own losses must be modeled in
order to include them into the design space exploration, as a part of the overall
efficiency.

In case of a tapered buffer, power losses are mainly due to its state change at every
switching period. As a first order approach, power losses are computed by means of
the charge spent from the power supply to change the value of the respective input
gate capacitances of all inverters of the chain.
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As a consequence, the total gate capacitance (C7) should be computed as a func-
tion of the number of stages and the tapering factor:

n n
Cr =Y Ci =+ wpn)CorWpinLmin »_ ' (2.39)
i=0 i=0

fn+1
Z fi= (2.40)

being e the optimum tapering factor:

en+1 1

Cr=(+ wpn)Comeianin? (2.41)

And the corresponding power losses are related to the power supply voltage and
the switching frequency by:

en+1 -1

Piriver = Vbzatfv(l + wpn)cameianine_—l (2.42)

From (2.42) it is observed the driver switching losses increase with the number
of inverters that, in turn, is an increasing function of the power transistor channel
width. Thus, it is concluded that power driver losses are a linear function of the
power MOSFET channel width.

Wpower_MOS _ l
(1+ n) Winin
Pariver = Vbza;fs(l + wpn)comeianin wg 1 (243)
eWpower mos — (1 + wpp) Wi
Pdriver = Vbza[fs Comein P P 7 (244)

e—1

On the other hand, the overall occupied silicon area can be computed directly
from the total gate capacitance of the tapered buffer if only channel dimensions are
considered.

e‘/Vpower_MOS -1+ wpn)Wmin
e—1

Adriver = Lyin (245)

2.2.2.5 Power MOSFET and Driver Joint Design

In previous Sects. 2.2.2.3 and 2.2.2.4 power losses were derived as a function of the
power MOSFET channel width. Conduction losses of MOS switch were found to
be a decreasing of the channel width, whereas switching losses depend not only on
the power switch channel width but on the driver output resistance.
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Since output driver resistance was determined in expression (2.38), a closed ana-
lytical expression can be found for power MOSFET switching losses, by means of
the switching action duration definition.

In the case in which the equivalent driver output resistance for both charge and
discharge output capacitance were the same (that can be achieved if a proper rela-
tionship between PMOS and NMOS transistor channel width is selected, for the
tapered buffer inverters), the duration on the two complementary actions on the
power switch would be the same.

3(1 + wpp)el?,

(2.46)
N Voar — VIn)

tsw_on Joff =

Which results in the following switching power losses expression:

(1 + wpy)el?,
P, = ———— " (y | Vorl 2.47
sw 2008 Voar — VTN)( onlon + off oﬂ)fs ( )

From (2.47) it is observed that switching power losses from the power MOSFET
become independent of its channel width, as long as the corresponding driver design
becomes adapted to it.

And finally, from (2.44) it is observed that driver power losses are a direct linear
function of the power MOSFET channel width.

In Table 2.3, the expressions of the three different power loss mechanisms related
to the power switches and their corresponding trends as Wyoyer_pos increase are
summarized.

Since there are two opposed trends, an optimum design that provides minimum
power losses is expected as a function of the power transistor channel width, as
shown in the following figure (corresponding to a PMOS design and its associated
driver) (Fig. 2.8).

In the following, expressions for the optimum channel width value, and the
resulting minimum power losses are provided:

Table 2.3 Power loss expressions and trends for the MOSFET and driver designs

Trend (as
Wpower_MOS
Loss source Expression increases)
Lmin )
Power MOS Peond = I "
conduction o MN/PCUX Wpower_MOS(Vbat - VTN/P) Mos
losses
14+ wpyy)el?,
Power MOS Poy = D00 () oy g Constant
switching 2uN(Voar — Vin)
losses
i eW, — (1 4wy, W
Driver losses Pasiver = V2, £+ Cox Lunin ‘power_mos — ( o) Wiin 11

e—1
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Fig. 2.8 Power MOSFET and driver power losses as a function of the power MOSFET channel
width

Ivos e—1
Wopr = (2.48)
ViarCox MN/Pfse(Vbat - VTN/P)

Pros+driver = fs(1+ wpn)Lmin

eLmin 2 Wmin
——————— (Voul Vo lor) — CoxV,
(2MN(Vbat—VTN)( onlon + Vg lop) = CoViar Z7 )

fse
unyp€ — D) (Vg — Vv p)

+21MOS Vbathin\/ (249)

2.2.3 Output Voltage Ripple

Once the converter topology has been selected to fulfill some of the application
parameters herein considered (mainly, input voltage to output voltage conversion
ratio), there is still an application parameter to take into account to yield the desired
design. This is the output voltage ripple, that becomes a hard constraint of the design
space, since any design variables set of values (L, f, C,) that results in an output
voltage ripple greater than the one tolerated by the load circuitry to be supplied, will
be neglected.

Typically, the output voltage ripple Av, is defined as the difference between the
maximum and minimum values that the output voltage takes throughout a whole
switching period.

Av, = Vo_max - Vo_min (2.50)
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Fig. 2.9 Output voltage and inductor current in a DCM operated Buck converter. Different phases
of a switching period are detailed

Figures 2.9 and 2.10 explicitly show these values for DCM and CCM
operation. Additionally, other significant and useful characteristics of the out-
put voltage and inductor current waveforms for both operating modes are also
noted.

The corresponding expressions for V,, 4 and V,, i, are obtained from the low
output ripple assumption, which implies that inductor current correspond to a piece-
wise linear function. According to the scheme from Fig. 2.11, the output voltage
generic expression for both operating modes and different phases that compose a
whole switching cycle, is the following.

1 1 I
vy =ic,Rc, + — / ic,dt = (i — I,) Re, + — | irdt — =Z + V¢, o
C, C, 0

(2.51)

where Vc, ¢ is the output capacitor voltage (without ESR) at the beginning of
the T,, phase.

Taking into account different i; expressions for any operating mode and switch-
ing phase, (2.2.3) is minimized or maximized accordingly to minimum or maximum
research.
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Fig. 2.10 Output voltage and inductor current in a CCM operated Buck converter. Different phases
of a switching period are detailed

Fig. 2.11 Buck converter i
output circuit —> ly

In case of DCM, the expressions for V, ,qx and V, i, are:

[(IL_max — L)L — Rc,CoVol? Vi — Vo
|4 =—= s + T,, +
o_max 2L CO Vo 2LC0 on
Viar — Vo)Rc C, — I, L
+ ( bat 0) C,Lo 0 Ton . I(JRCO + VC,,_O (2.52)

LC,
oL = Re,Co(Voar = Vo)I?

o_min Co_0 oG, 2LC0(Vbat - VO)

(2.53)
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But the following constraints must be considered:

(I —I,)L Voar — V.
Rc, > % —> Vo_max = vo(Ton) = ;[L—COOTozn +
Vbat — Vo)Rc,Co — I, L
+( bat o) Rc,Co — 1o Tow — I,Rc, + Ve, 0 (2.54)
LC,
I,L
Rc Vo_min = v0(0) = V¢, 0 — bR, (2.55)

, > ————— —>
(Vbat - Vo)Ca

In expressions from (2.52), (2.53), (2.54) and (2.55) T, and I, 4y correspond
to the T,, phase duration and the maximum inductor current (see Fig. 2.9), respec-
tively (for DCM operation).

21,V,L
Iy o = (2.56)
e \/Vbatfs(vbat - Vo)

_ 2IUVO(Vbat - Vo)
” Viar fs L

(2.57)

When the CCM operation is considered the expressions for the boundary values
of output ripple are as follows:

Vol (Vbar — Vo) + 2ViarRc, Co f5)*]

Vo max = + Ve, (2.58)
o_max L Co Vbzm fsz C, 0
Viar — Vo 2 ~2 Vo 2
Vounin = Ve, 0= == | Re,.Co+ 3y, 7 (259
0 at J's

And the corresponding constraints to be taken into account are:

Vbat - Vo (Vbat - VO)V{)RC
R _— V, = Ton) = “ V 2.60
C, = WorCofs —> Vo_max vo(Ton) 2Lf Vo + Ve, 0 ( )
Vo (Vbat - VO)VO
Re, > = s Vi pin = 00(0) = Ve, o — Y00 R (261
WeaCofs T - 2L Vpar f

All the V, jqx and V, i, previous expressions, contain the initial voltage of
output capacitor (V¢, o), which is directly related to the average converter output
voltage. It is important to note that for ripple calculation purposes, this value is not
necessary because just the difference between both values is required.

Moreover, in both cases (DCM and CCM), the obtained expressions are sub-
ject to some constraints depending on the Rc, value. This results from the fact
that the minimization or maximization of (2.2.3) is limited to T,, and T, phases,
respectively. Nevertheless, under some circumstances (stated by inequalities related
to Rc,), the minimum or maximum of such parabolic sections, could be somewhere
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outside those boundaries. In these cases, minimum and maximum output voltage
becomes the output voltage at the beginning of the corresponding switching phase.
In summary, this is the reason that precludes the existence of a closed analytical
expression for the output voltage ripple.
Figure 2.12 shows good matching between the proposed expressions for out-
put ripple calculation (as a function of the capacitor resistance) and some sim-
ulation results, for both operating modes: DCM (V, = 1V, V,,; = 3.6V,

DCM operation
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Fig. 2.12 Output ripple prediction as a function of Rc,, contrasted with some simulation results,
for DCM a and CCM b
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L = 50nH, C, = 25nF, f; = 100MHz, I, = 10mA) and CCM (V, = 1V,
Vbar = 3.6V, L = 50nH, C, = 25nF, f; = 150MHz, I, = 100mA). In this
figure, threshold values for Rc, exposing the constraints from (2.54), (2.55), (2.60)
and (2.61) are marked with vertical lines. It is interesting to note that these con-
straints (and the corresponding change in calculation expressions) appear for low
Rc, values.

However, it should be taken into account that as a the load resistance value
becomes lower (and closer to the R, ), little error occurs on ripple prediction.

2.2.4 Design Space Exploration Results

In the previous sections, all the converter components have been modeled towards
the selected performance factors evaluation (power efficiency and occupied area)
and application parameters (output voltage ripple). At this point, with the informa-
tion provided from such models, the design space exploration is carried on by means
of the power efficiency evaluation.

P
n(%) = —2 100 =

Prmt + Plosses
Vo I,

— 100 (2.62)
Volo + PNpos+driv + Ppmos+ariv + Pc, + PL_cond

In Table 2.4, all the required technological information to evaluate the design
performance factors, can be found (which correspond to a representative standard
CMOS 0.25 um process).

Expression (2.62) generates the results depicted in Fig. 2.13, which expose 3
different 3D surfaces since the function to be represented is a fourth dimensional
one (efficiency plus the 3 design variables). Therefore, efficiency as a function of L

Table 2.4 Technological parameters information required to develope the design space exploration

Component Technological parameter ~ Value
Inductor Rp 13m/0
w 471077 H/m
wr 300 pm
)4 20 wm
Capacitor Rc, 50mQ
Cox 4.933 fF/pm?
Power MOSFETs W, 0.3um
Lnin 0.34 um
n 393.8 x 108 wm?2/(sV)
Wy 89 x 108 um?/(sV)
Vrp 0.65V

Vin 055V
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and C, is depicted, and all figures correspond to a switching frequency single value.
In the center figure the maximum power efficiency is achieved.

In Fig. 2.13 a black dot is depicted to mark, in the (L, C,) plane, the design
that provides the maximum efficiency, whereas black diamonds are used to mark
all the designs that will result in CCM operation for the considered output current
(100 mA).

As expected, it is observed that power efficiency is a function of inductor and
switching frequency values, whereas it becomes constant against changes in output
capacitor value, since no relationship between C, and Rc, have been considered
in this simplified case (despite just one dot is depicted, any row with C, constant
results in the same power efficiency).

In fact, due to this particularity power efficiency is represented as a function of
fs and L in Fig. 2.14, where the maximum efficiency is better observed.

C=30nF L=37.3 nH

Efficiency (%)

Fig. 2.14 Buck converter power efficiency in the (fs, L) plane (C, = 30 nF)

Since conduction mode is independent of the output capacitor (if low output
ripple is assumed), as the power efficiency, Fig. 2.14 shows all the design solutions
that will produce CCM operation (marked with black diamonds).

As far as occupied area (2.64) is concerned, the same kind of figures are presented
in Fig. 2.15. Tt is noted that the area variation with f; is insignificant. The reason for
this is that the total converter area depends most on the inductor and capacitor values
(which are independent of switching frequency). Only the power MOSFETSs and
their corresponding drivers design are frequency dependent, but its impact on the
overall area is negligible. Additionally, in the 3 depicted cases, it is clearly observed
how, as the switching frequency is increased, more designs become CCM operated.

Following the obtention of both considered performance factors (total area occu-
pied and power efficiency), the merit figure to be maximized can now be defined
(equivalent to f,(x), exposed in (2.2)).
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Fig. 2.15 Buck converter occupied area: a f; = 22.6 MHz; b f; = 115.3 MHz; ¢ f; = 260.5 MHz
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I — (%) — Nmin(%) (2.63)

Amtal
Atotal = AL + ACO + APMOS + ANMOS + AdriverN + AdriverP (2-64)

In (2.63), the minimum obtained power efficiency is substracted from the rest of
the power efficiency values as a way to increase the effect of its span, because of its
relatively narrow range (from 54.5 to 71.4%).

Figure 2.16 is a volumetric representation of the (2.63) results, where the darker
the painted area is, the higher the merit figure value becomes. It is just intended to
be a qualitative representation revealing the existence of a single maximum (corre-
sponding to an optimized design), and, approximately, where it is obtained (in terms
of the coordinates (L, C,, fs)). Due to difficulties of volumetric representation, sev-
eral slices are depicted on all axis, as well as a 3-dimensional contour around the
maximum value.

107 ot

CiF)

L{H)

8 7 f, (Hz)

Fig. 2.16 Volumetric representation of the design merit figure as a function of the 3 design vari-
ables (L, C,, fs). In the figure, the darker area is, the higher the merit figure value becomes

Figure 2.17 shows 3 different surfaces where the merit figure is exposed as a
function of inductor and capacitor values for 3 different f; values, respectively
(the picture in the middle corresponds to the optimum switching frequency f; =
98 MHz).

As observed, the maximum merit figure value is obtained when minimum induc-
tor and capacitor are applied, because this greatly reduces the occupied area,
whereas the optimum switching frequency is the one that increases power efficiency.
Table 2.5 summarizes the main characteristics of this optimized design.

Apparently, an optimized design (in terms of performance factors) has been
obtained, but there is still a constraint to be taken into account. It could be pos-
sible that the obtained design results in an output ripple higher than the maximum
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Table 2.5 Main characteristics of the optimized design before the application of the output ripple
constraint

Variable Value
Battery voltage 36V
Output voltage 1V
Output current 100 mA
Inductor (L) 10 nH
Capacitor (C,) 10 nF
Switching frequency ( f5) 98 MHz
Total Area 6.59 mm?
Power efficiency 68.6%
Output voltage ripple 60.2 mV

allowed by the considered application, specially if minimum inductor and capacitor
are implemented.

Consequently, the following step is to evaluate the output voltage ripple, and
observe how the design space is constrained by those designs that result in an output
ripple higher than the maximum allowed by the load circuitry (in this work, the
maximum allowed is 50 mV).

Thus, using expressions from Sect. 2.2.3 the output voltage ripple produced by
any considered design is calculated and represented in Fig. 2.18. Again, 3 different
figures are shown, corresponding to the 3 different switching frequency single val-
ues (22.6 MHz, 98 MHz, 260.5 MHz). In this case, it is also marked the maximum
allowed ripple by means of a contour line (black solid line). Additionally, a black
dot is used to mark the design that results in maximum ripple for each switching
frequency value, as well as black diamonds are used to mark the CCM operated
designs.

As it would be expected, maximum output ripple is produced when minimum L
and C, values are implemented. It is important to note that in case of f; = 98 MHz
output ripple is almost not a constraint of the (L, C,) plane, and furthermore, for
fs = 260.5MHz (Fig. 2.18c¢), it is no more a constraint (obviously, the overall
design space is already constrained by the high switching frequency values).

In Fig. 2.19, a 2-dimensional view of the design space reduction is shown by
means of a family of isolines (corresponding to different f; values), that shrink
down the possible designs area as the switching frequency becomes lower.

Applying the output voltage ripple constraint, power efficiency is depicted again
in Fig. 2.20, as well as the total area in Fig. 2.21.

As expected from Fig. 2.19 the (L, C,) design space is strongly constraint for low
switching frequencies (e.g. f; = 22.6 MHz), while it becomes in a minor reduction
for fy = 98 MHz or even unchanged at higher switching frequency.

Nevertheless, the output ripple constraint modifies the localization of the opti-
mized design: Fig. 2.22 repeats the merit figure results exposed in Fig. 2.17, but
this time the design space have been reduced, and the previous optimized design
is not feasible since it produces an unacceptable output ripple. Please note that in
Fig. 2.22, axis orientation has been rotated by 180° to increase the constraint effect
visibility.
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Fig. 2.18 Buck converter output voltage ripple: a f; = 22.6 MHz; b f; = 98MHz; ¢ f;

260.5 MHz
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Fig. 2.19 Design space reduction (in plane (L, C,)) due to the output voltage ripple constraint, as
a funtion of the switching frequency (numbers on isolines represent f; values in MHz). Possible
designs appear on the right of any isoline

Hence, the optimized design previously found in (Fig. 2.17b) is replaced by the
one that appears in Fig. 2.23. It should be noted that although the inductor and capac-
itor values remain the same (which results in the minimum area design), switching
frequency is increased in order to produce lower output ripple. Obviously, the result-
ing power efficiency is slightly lower than the one corresponding to (Fig. 2.17b).
Table 2.6 summarizes the complete set of characteristics of this design setup. In this
case, very small change on efficiency results from the frequency increase (which
in turn is due to the output ripple constraint application), although in other cases
design space constraint could have a greater effect on the final result.

In Fig. 2.24 power loss distribution as well as occupied area are shown as a
function of the power lower loss mechanisms and components, respectively.

As regards energy losses distribution, it is found what would have been expected
from results in Sect. 2.2.2.5:

e Transistor switching losses are independent not only from the transistor channel
width, but even from the transistor type (NMOS or PMOS), since their corre-
sponding driver will be accordingly designed.

e In both types of transistors, those associated energy losses that depend on channel
width (conduction and driver losses) become equalized when losses are mini-
mized. This is caused by the opposed trends that these loss mechanisms present
when channel width is changed.

e Inductor conduction losses are the highest, which is reasonable because any
current flowing through the Buck converter always passes through the inductor,
whereas it is split between both transistors.

e Capacitor conduction losses are the lowest because of the low capacitor ESR
considered, and the fact that its current is much lower than the inductor current.
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Fig. 2.20 Buck converter power efficiency after applying the output ripple constraint on design
space: a fy = 22.6 MHz; b f; = 98 MHz; ¢ f; = 260.5 MHz
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Fig. 2.21 Buck converter total occupied area after applying the output ripple constraint on design
space: a fy = 22.6 MHz; b f; = 98 MHz; ¢ f; = 260.5 MHz
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Fig. 2.22 Merit figure representation, applying the output ripple constraint: a f; = 22.6 MHz;
b f; = 98 MHz; ¢ f; = 260.5 MHz



2.2 Simplified Approach for a Buck Converter

L (H) 1077

45

C(F)

Fig. 2.23 New optimized design after applying the output voltage ripple constraint (f; =

115.3 MHz)

Table 2.6 Complete set of characteristics of the optimized design after the application of the output

ripple constraint

Variable Value
Battery voltage 3.6 V
Output voltage 1V
Output current 100 mA
Inductor (L) 10 nH
Inductor ESR 621.5m2
Inductor outer diameter 2.1 mm
Inductor number of turns 3
Capacitor (C,) 10 nF
Capacitor ESR 50 mQ2
Switching frequency ( f5) 115.3 MHz
Total Area 6.59 mm?
Power efficiency 68.57%
Output voltage ripple 49 mV
Maximum inductor current 354 mA
Operating mode DCM
N-MOSFET channel width 1,572 pm
N-MOSFET driver inverters 7
P-MOSFET channel width 2,083 pm
P-MOSFET driver inverters 7

In addition to this, Fig. 2.24b clarifies that the occupied silicon area is almost

absolutely due to the energy storage components.

The main conclusion that arises from the presented design procedure is that the
design challenge that any designer faces when trying to develope a switching power
converter to fulfill some specifications is solved by means of the design space explo-
ration. This just requires the appropriate modelling of any of the components to
be designed, and subsequently the application of the considered constraints of the
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Fig. 2.24 Optimized design power losses a and occupied area b distributions, for each converter
component

design space. Finally, the convenient definition of a merit figure is used to obtain the
desired converter configuration.

Therefore, it is observed that the huge number of questions that involve the whole
design (reactive components values, switching frequency, power transistors size,
power drivers design, ...) are indirectly answered, being the final result a set of
design characteristics and values as the exposed in Table 2.6, after considering all
the suitable possibilities.



Chapter 3
Contributions on Converter Integrated
Components and Detailed Models

Abstract In this chapter, proposals for the integrated implementation of some of
the converter components (this is, the inductor and the capacitor) are presented.
Additionally, detailed models of all the components, mainly focused on the power
losses and occupied area evaluation are also proposed. A triangular spiral composed
by bonding wires is proposed to implement the inductor, and its design optimiza-
tion is provided as well. With respect to the output capacitor implementation, a
bi-dimensional matrix of parallel connected MOS capacitors (MOSCAP) is pro-
posed. In addition to the design optimization of a single MOSCAP (to minimize its
ESR), a model for the whole structure ESR is presented, as well as its optimiza-
tion. Regarding the tapered buffers design (use to implement the power drivers), an
energy consumption model is proposed, as well as the model for their output fall-rise
time, which is used as a link required for the concurrent design of the power drivers
and the power transistors. Finally, focusing on the power transistors, a model for
the switching losses is presented (from a revised existing model), which splits the
switching losses into two different mechanisms, the capacitive switching losses and
the resistive switching losses. At the end of the section, the complete procedure for
the concurrent optimization of both the power transistors and their corresponding
drivers is proposed.

3.1 Bonding Wire Inductor Model

3.1.1 State of the Art

The traditional 3-dimensional conception of inductive structures has become the
main handicap for their monolithic integration, since in standard CMOS ICs only
planar designs are viable. However, their great interest and usefulness in circuit
design have pushed many researchers to work in their integration on silicon via
different approaches. Roughly, these can be classified in two different research lines:
those that use MEMS techniques and their capabilities, and those that remain con-
strained by the possibilities of standard CMOS processes.

G. Villar Piqué, E. Alarcén, CMOS Integrated Switching Power Converters, 47
DOI 10.1007/978-1-4419-8843-0_3, © Springer Science+Business Media, LLC 2011
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In front of this and in the context of this thesis, the main requirements for
inductors designed targeting power converters should be considered. Since the main
inductor of a switching power converter is considered as an energy storage compo-
nent, its main required characteristics are:

e Low equivalent series resistance (ESR), to reduce the energy losses due to Joule-
Effect when electrical current flows through the inductor.

e High inductance coefficient, which means that high amounts of energy can be
stored in the corresponding magnetic field, without the need of high current
values. Focusing on the implementation of an integrated design, in this work
component values are often considered relative to area occupation. Therefore,
a high inductive density (ratio between inductance value and occupied area) is
desired.

e If a ferromagnetic core is used to increase the inductance value (and also in pur-
suit of field confinement to improve interference effects), it is desired to narrow
its corresponding hysteresis cycle, which results in energy losses associated to
magnetizing and demagnetizing the core.

With the evolution of MEMS processes and techniques it is feasible to develop
fully integrated inductors on silicon using ferromagnetic materials to increase their
inductance, and thick conductors to reduce the resulting ESR. In this area, inter-
esting works from C.H. Ahn can be consulted (good examples appear in [39] and
[40]), and many other authors have developed integrated inductors by means of non-
standard CMOS processes [41-49], that we include in the same group as designs
based on MEMS. Recent works from Zou [50] and Musunuri [51] make use of
MEMS techniques to develope vertical spiral inductor. Some work has been done in
the development of off-chip microinductors, specially designed for low power con-
verters application where the rest of the converter components are inside the chip,
that should be mentioned here, too [52, 53]. Although all these kinds of integrated
inductors may fulfill the aforementioned requirements, their main disadvantage is
that, regarding their non-standard CMOS implementation, it is very difficult (and
expensive) to include them in the mature CMOS processes, which is the purpose
of the present work in order to develop PSOCs. Additionally, in some cases the
used ferromagnetic materials loose their higher relative permeability as switching
frequency increases [54], which is a situation to be considered in this work.

On the other hand, successful research has been carried out in the integration
of inductors in standard CMOS process towards RF circuits applications. In this
field a clear subdivision appears when developing on-chip inductors: those based on
the use the metal layers provided by the standard CMOS process, and interesting
research on the inductive effects of the bonding wires.

In the first case, inductors usually make use of the top metal layers, since com-
monly they provide the thickest metal paths (which reduces the ESR) and, being the
most separated from the substrate, their coupling capacitances are reduced (which
improves their high frequency performance). Many works on this approach can be
found in the literature both about modeling them or on how to optimize their design
[37, 38, 55-60].
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In case of bonding wire based inductors, in spite of not explicitly belonging to
the CMOS fabrication process, they are present in any integrated circuit, since they
allow signals to communicate in and out of the chip. Hence, they can be considered
as part of the standard CMOS process. Referred to this kind of inductors, some
works exist about their modelling: [61-65]. Indeed, in many cases they are modeled
because the pursuit is precisely to get rid off their inductive behavior because it
affects signal integrity. Nevertheless, in some works they are intended to be used
as integrated inductors [66—69]. In fact, Mertens and Steyaert used bonding wire
inductors to develop an integrated Class-E power amplifier for RF applications [70].

Despite the consolidated success of inductor integration for RF applications (due
to the requirements of monolithic RF transceivers, nowadays deeply present on the
market), their requirements do not match those needed for the integration of switch-
ing power converters, previously listed. To sum up, they provide low parasitic stray
capacitances [71] and good inductive behavior in the frequency range above 1 GHz,
but usually present low inductance value, and too high ESR.

3.1.2 Proposed Integrated Inductor Implementation

After the revision of the state of the art from the aforementioned references, it is
proposed to implement an inductive structure based on the bonding wires, which
are always present in any chip, that provides a higher inductance that the one pro-
vided by designs for RF applications. In particular, a spiral with bonding wires as
paths rather than top-metal layer paths is proposed. Obviously, since only straight
segments of bonding wire are possible, any corner of the chosen geometric structure
should be implemented by means of standard bonding pads.
Several advantages are expected with this implementation approach:

e Since the usual bonding wire is thicker than the top-metal of standard CMOS
processes, a reduced ESR (Ry) is expected.

e Low parasitic coupling capacitance to substrate, because of the large distance of
bonding wires above the silicon substrate. Just the bond pads are relatively close
to the substrate, resulting in the main source of coupling capacitance to substrate.

e It is fully compatible with standard CMOS processes.

e Due to technological constraints that preclude the placement of two adjacent
bonding wires very close each other, the expected intercoils coupling capacitance
should be relatively small.

e Indeed, its area occupation may be highly reused to place other converter compo-
nents (such as the output capacitor and power transistors) underneath the induc-
tor, because only the pads really occupy area unuseful for other components.

e The lack of ferromagnetic core results in no switching losses in the inductor.

Unfortunately, this inductive structure also presents some disadvantages to be taken
into account:
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e Usually, the distance between two adjacent bonding wires is relatively large due
to fabrication limitations and to prevent eventual short circuits. This results in a
lower inductive density because the inner spiral turns become much smaller than
the outer ones. This point will be clarified afterwards by analytical expressions.

e Despite no additional technological step is required in the fabrication process, the
uncommon bonding wire structure inside the chip still requires some additional
programming of the bonding wire machine.

Having stablished how to implement the inductive structure and its main char-
acteristics, the next design step is to select a geometric shape for the spiral to be
implemented in order to potentiate the desired specifications (i.e. high inductance
density and low ESR).

Consequently, an equilateral triangular shape is proposed because this is the geo-
metric shape that offers the lowest number of corners, which increase the total ESR
since the bonding pads (used to implement the corners between two consecutive
bonding wires) are implemented by means of the process metal layer (that exhibits
higher resistivity than bonding wires). In Fig. 3.1 the main parameters used to
describe a single triangular coil are observed, where s..; = 2a is the tringle side
length (afterwards, it will become one of the main inductor design variables) and r
is the radius of the bonding wire used to build up the coil.

Fig. 3.1 Single equilateral
triangular coil parameters

The corresponding inductance value as a function of those geometric parameters
is provided by (3.1) from the Biot-Savart relationship between the magnetic field
(B) and the current (/1) flowing through the wire (the complete detailed analysis is
discussed in the Appendix A).
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The results from (3.1) are shown in Fig. 3.2, where the obtained inductance is
depicted as a function of s.,;. These results are also contrasted with those produced
by the simplified heuristic expression from Grover inductance calculations [72].

L=6x107s, [m (ﬁ) — 1.40546 + MT] (3.3)

r

where 1, is the relative permeability of the wire material, which is 1 in most cases.
As observed in the figure, there is a good matching between the results from
both expressions, although Grover results are slightly more optimistic. However,
the simplicity of Grover’s expression makes it very handy in first approaches.
Subsequently, it is required to contrast both the inductive density and the ESR
resulting from the triangular shape, with the same characteristics from several dif-
ferent geometric shapes. Consequently, inductance as a function of occupied area for
several regular geometric shapes (triangle, square, pentagon, hexagon and octagon)

25 T T T T
— — — Grover’s approach : :
Complete expression : : ,

T
£ 15p
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C
]
3 1o
£

5 -
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Fig. 3.2 Single equilateral triangular inductance. Comparison with Grover’s expression results
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Fig. 3.3 Inductance as a function of occupied area comparison for different regular geometric
shapes (according to Grover’s expressions)

is compared in Fig. 3.3 (in this case, inductance expressions for all the shapes where
extracted from [72]).

As a consequence, it is clarified that the triangular shape offers the highest induc-
tive density (L/A1) among all the considered shapes (which due to technological
limitations, they all must be polygonal shapes).

Furthermore, it is very interesting to evaluate which is the geometric shape that
produces the lowest ESR, for the same inductance value (i.e. the lowest Ry /L ratio).
Hence, Ry is evaluated for any different shape, after the obtention of the s,,; that
provides the desired inductance value.

Sext

R = Nyides <_2 + Rbp) (3.4)
oTnr

In (3.4), ngiges is the number of sides of any considered shape, o = 41 x
10° Siemens/m, the bonding wire radius » = 12.5 jum and the bonding pad resis-
tance Ry, = 13 mg2.

With this information (extracted from a standard CMOS process), the produced
ESR for different inductance values is contrasted among the considered geometric
shapes in Fig. 3.4. In this figure, it becomes clear that the lowest ESR is obtained by
implementing a triangular inductor.

To conclude, it is found that the equilateral triangular shape is the most conve-
nient to implement a planar spiral inductor for switching power converter integration
purposes, since it best fulfils the main requirements for this application.

Still, according to results from Fig. 3.3 for triangular shape, its inductive density
is rather low. Thus, an spiral with several number of turns could be required to obtain
the desired inductor, in order to increase its effective inductive density.
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Fig. 3.4 ESR as a function of the desired inductance comparison for different regular geometric
shapes

As a consequence, the inductance value of a triangular spiral should be evaluated.
In this case, not only self-inductance for any coil is necessary, but also mutual induc-
tance between all the coils must be computed. This can be expressed as follows:

L= ZZLU (3.5)

Previously, the expression for all the terms where i = j (self-inductance) was
found in (3.1). Moreover, it is observed that referring to the terms related to the
mutual inductance (L;; — i # j), L;j = Lj;, because of reciprocity. Thus, by
means of iterations the total inductance of the spiral can be found (for a more com-
plete explanation and details, see Appendix A). The results for the total inductance
of a triangular spiral are shown in Fig. 3.5. This 3D figure shows the obtained induc-
tance as a function of the outer triangle side length, and the number of turns. It is
noted that not all the points arising from the axis projection are depicted. This is
because in some cases the number of turns is not feasible inside the triangle, given
a positive distance between two adjacent turns (whose minimum value is specified
by the bonding wire technology). In fact, the distance between turns (denoted p)
has a notable impact on the resulting inductance. To illustrate this effect with an
example, Fig. 3.6 depicts the inductance of a given spiral (sey = 3.5mm, n; = 3
and r = 12.5 wm), as a function of the distance between turns p.

As observed in Fig. 3.6, it is convenient to place the bonding wire segments as
close as possible from each other to increase the resulting inductance with the same
Sext vValue (i.e. to increase its inductive density).

In order to clarify the inductive density evolution of the proposed inductors, the
occupied area is evaluated in Fig. 3.7, from (3.6). As expected, occupied area is only
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Fig. 3.6 Inductance of a triangular spiral inductor as a function of the distance between turns
(Sexsy = 3.5mm, ny, =3 and r = 12.5um)

dependent on the s.,; value, producing higher L /A ratio as the number of turns is
increased.

AL

V3se,
= (3.6)

Following the inductance and area evaluation of the proposed triangular spiral,
it is necessary to calculate the ESR of the overall spiral inductor. Both number of
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Fig. 3.7 Occupied area by the triangular spiral inductor as a function of the number of turns and
the outer side length

corners as well as the overall bonding wire length contribute to the ESR value (R}),
as stated in (3.7).

Rr = Ripp Bnp + 1) +3¢ng (Sext +q (1 —ng)) (3.7)
g=+3p (3.8)

where ¢ = # is the wire resistivity and ¢ is half of the side reduction for any inner
turn added to the spiral, provided that s, remains constant (for further details on the
inductor overall ESR computation, see Appendix A). As for inductance calculations,
the total inductor ESR as a function of the number of turns and the outer side length
is shown in Fig. 3.8.

Results from Fig. 3.8 reveal high ESR values for power converter integration
purposes, despite the use of bonding wires and triangular shape selection. However,
it should be noted that inductance results show relatively high inductance values
(relative to other integrated inductors).

With respect to a suitable inductor design, it is interestingly noted that several
pairs (ny, Sexs) provide the same inductance value (given by the contour lines of
Fig. 3.5), even though they do not result in the same amount of occupied area and Ry,
value. Inevitably, this implies that among the several designs that produce the same
L value some will perform better in the considered framework. As a consequence,
an optimization procedure should be carried out regarding the inductor design.

In this context, the work developed in [38] should be consulted, where an analyt-
ical method (based on geometric programming) was presented to optimize induc-
tors designs (towards RF applications, in that case), and interesting results were
obtained. However, it required to find the coefficients of some model expressions by
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Fig. 3.8 ESR of a triangular spiral inductor as a function of the number of turns and the outer side
length

experimentally characterizing a batch of test structures, which was not possible to
carry out in our work.

Essentially, it is desired an inductor design which provides the desired inductance
while reduces the occupied area as well as the ESR. To fulfil these requirements, a
merit figure particular for the inductor design is defined in (3.9).

1
- [A )7L [RL]VLR -

2 YLA ‘LR B
_ [[% [Rbp (3nL+1)+3é‘nL (Sext+ﬁp(1—nL))]V :|

(3.9)

Iy

The exponents affecting both terms of (3.9) can be used to modify the optimiza-
tion results by giving more strength to area or resistance minimization (in this work:
yLa = 1 and y g = 10).

Since I, is defined as the inverse of the product of two undesired characteristics,
the optimization procedure should maximize it.

The first step is to select all the (nr,, sey) pairs that provide the desired inductance
value. Being the spiral inductance evaluation an iterative process, there is not an
analytical expression that provides the value of the desired inductance, and hence
numerical methods must be applied. Furthermore, although s.,; is a continuous
magnitude, in this work ny is defined to exist just in natural values. As a result,
it might be that none of the considered pairs of values produce the exact value of
the desired inductance. Consequently, a narrow tolerance range around the desired
value is defined and any design inside it is considered to be valid.
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Fig. 3.9 Optimization procedure of a 27.3 nH inductor design. In a all designs that provide an
inductance of 27.3 nH (£3%) are marked with vertical lines whose height is a qualitative repre-
sentation of its corresponding merit figure value. b is a top view of the same results. In both cases,
the optimized design is marked with a cross. The values of the used parameters can be found in
Table 3.1

To carry on, (3.9) is evaluated for any of the selected (ny, sey) pairs and the
one that provides the maximum merit figure value is considered as the optimized
inductor design.

In Fig. 3.9, an example for a design providing a 27.3nH inductance can be
observed. In the 3D view, selected designs are marked with superimposed vertical
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lines, whose height is a qualitative representation of the corresponding merit figure
value. Additionally, contour lines are depicted for each 25 nH. Figure 3.9b is just
a top representation, where the position of the selected designs is better identified.
In both pictures, the optimized design is marked with a cross (corresponding to the
maximum merit figure value, as observed in Fig. 3.9b).

Table 3.1 summarizes the main characteristics of the optimized design (as well as
the parameters values), where it can be observed the effect of the tolerance around
the desired inductance value, as a 2.2% error was obtained in the final obtained
inductance value.

Table 3.1 Main characteristics and parameters of the optimized inductor design

Technical parameter Value
Desired inductance 27.3nH
Tolerance on desired value 3%
Bonding pad resistance Ry, 13mQ
Bonding wire resistivity ¢ 49.69 2/m
Bonding wire radius R 12.5um
Distance between bonding wires p 50 wm
Area coefficient yy 4 1
Resistance coefficient y7 g 10
Characteristic Value
Final inductance L 26.7nH
Outer side length sy 2.3 mm
Number of turns nj, 3
Occupied area Ay, 2.3mm?
ESR R, 1.08 Q2

In case of bonding wire structures, it should be noted that neither the path width
(bonding wire diameter is fixed by the technology), nor the separation between turns
(kept at minimum possible, according to results from Fig. 3.6) are design variables,
while they are common in metal-layer planar spiral designs.

In summary, the proposed design procedure of an inductor to be integrated is
treated as a design space exploration, such as the exposed in Chap. 2, but particu-
larized for the inductor design. In the same way, the required characteristics of the
inductor (ESR and occupied area, (3.7) and (3.6)) are considered as performance
factors and accordingly modeled to include them in a merit figure definition to be
maximized (in the inductor design case, (3.9)), and then the design space exploration
is carried out. The result of this process is a complete set of design parameter and
characteristics (Table 3.1).

Having concluded the modelling and design procedure for the inductor, a finite-
element model (Fig. 3.10) and simulation of the proposed structure was carried out
to validate the proposed expressions. In the developed model, expected materials to
be found in an integrated environment are included, such as silicon substrate, field
oxid and the aluminum bonding pads.
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(b)

Fig. 3.10 Inductor model developed for finite element simulations. In a, all the considered materi-
als are included apart from the spiral itself. In b, the detail of one of the corners with the required
bonding pads is presented

Magnetostatic simulation results of the finite element model yield a L = 34 nH,
R; = 1.08 2 inductor. Additionally, the resulting inductance as a function of
the frequency is shown in Fig. 3.11, where it is found a relative good match-
ing between the expected inductance and the results for a frequency range below
200 MHz, which is reasonable for the considered applications. Simulation for low
frequency was not possible, since the used simulator (HFSS) is intended to simulate
RF designs.
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Fig. 3.11 Finite element simulation results. Inductance value as function of frequency
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Fig. 3.12 Finite element simulation results. Spatial magnetic field distribution on silicon surface

Finally, magnetic field density on the silicon surface for an inductor current of
iz = 200 mA is depicted in Fig. 3.12. It is found that major concentrations of mag-
netic field on the silicon occur around the corners. Thus, sensible circuit components
should not be placed near the corners to avoid high interferences.

However, further in-depth analysis and simulations would be necessary to study
these effects.
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3.2 MOS Capacitor Model

3.2.1 State of the Art

Typically, on-chip capacitors have been developed for analog signal processing
applications (e.g. switched-capacitor filters or sample-and-hold circuits, [73]). Such
applications require on-chip capacitors that present good matching (i.e. capacitors
with similar characteristics) and linearity (i.e. their capacitance do not change when
the applied voltage changes). However, due to low current management, they do not
require very low series resistance, neither high capacitive density, provided that no
high capacitance values are needed.

RF applications also make use of integrated capacitors and, to the aforementioned
requirements, add the need for high values of Q factor and high self-resonance
frequency (both indexes describe the quality of its capacitive behavior at high-
frequency), since they should operate in the high-frequency band.

On the other hand, on-chip power management applications such as on-chip
power supply decoupling and on-chip switching power converters present different
main requirements: high capacitive density is fundamental (since high capacitance
values are in principle needed), and very low equivalent series resistance (from now
on, ESR), in order to reduce energy losses and their equivalent impedance (which in
case of power converters results in higher output ripple value). Nevertheless, such
kind of applications neither require very good matching (usually no capacitors are
needed to be paired), nor precision on its value.

Because of the planar environment, that constraints the design possibilities, the
most common implementation of on-chip capacitors relies on the horizontal parallel
plates conception (in which energy is stored in the vertical electric field). This is
really straightforward since the resulting capacitance depends on the plates area,
their separation and the permeability of the material between them (commonly, it is
silicon dioxide). Usually, this yields high linearity capacitors, although the capaci-
tive density is rather low (because of the relatively high separation between plates,
provided that no special material is inserted between them). Their ESR depends
directly on the plates material: it used to be polysilicon (resulting in high ESR val-
ues), but most recent technologies provide metal plates (mainly aluminum) capac-
itors. Another interesting feature that stems from parallel plate capacitors is that
both plates are intrinsically floating, thus they do not need to be connected to any
particular voltage level.

In this approach, a very interesting proposal from Samavati to use fractal capaci-
tors in order to increase the capacitive density (by taking benefit from the lateral
electric field) can be consulted [74]. More recently, a more general comparison
between capacitive structures that take benefit from the lateral electric field (includ-
ing fractal capacitors), and parallel plate capacitors was published by Aparicio [75].

In some cases, parallel plate capacitors have been used to power management
applications, too. In [76], poly-poly capacitors are used in an on-chip charge-
pump implementation, where floating plates are needed. Nevertheless, this is not a
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representative case for the purpose of this work, since charge-pumps usually do not
require such large capacitors.

Other kinds of on-chip capacitors used in RF and analog processing applica-
tions are based on the parasitic capacitance of some of electronic devices. Some are
based on the parasitic capacitor of a reverse biased PN junction, just because of its
non-linearity. This particularity leads to electrically variable capacitors, that become
useful when tunning RF resonators or filters [77]. Also the non-linear behavior of
the parasitic gate capacitance of MOS transistors has been proposed to be used
as a varactor using the body voltage to tune its value [78]. Both kind of on-chip
capacitors present the disadvantages of high series resistance, and the need for a
bias voltage to generate the capacitive behavior.

The design of on-chip power supply decoupling capacitors (which roughly
demand similar characteristics than in case of switching power converters appli-
cation) has been widely addressed by many authors. In [79-81] the need for on-
chip decoupling capacitors and their characteristics are covered as a part of the
global supply system, and interesting calculations and placement considerations are
exposed. However, no specific technical solutions are provided.

In [82, 83], Schaper et al. proposed a method for implementing on-chip capac-
itors for supply decoupling purposes that yields very low equivalent series induc-
tance and resistance. Unfortunately, it was not fully standard CMOS compatible,
and presented low capacitive density.

In this work, the output capacitor of integrated switching power converters is
proposed to be implemented by means of the MOSFET gate capacitor (i.e. the gate
terminal becomes the top capacitor plate, whereas the bottom plate is formed by
the transistor channel when drain and source are shorted). Specifically, NMOS tran-
sistors are used because of the higher majority carriers mobility. In the following,
main considerations about this election are listed (including advantages and disad-
vantages):

e The most important feature of this kind of capacitor is that it presents the highest
capacitive density because the gate silicon dioxide insulator is the thinnest layer
between two conductors of an standard CMOS IC.

e The dependence of the capacitor value on the applied voltage is not an impor-
tant drawback, as long as the applied gate voltage is high enough to generate
the transistor channel (Fig. 3.13). Hence, if a wide span of the converter output
voltage is desired, this issue should be considered. Furthermore, in case of highly
non-linear behavior, it should be studied its effect on the output voltage ripple.

e Since NMOS transistors are used as MOS capacitors, drain and source should
be connected to the same voltage than the surrounding well or substrate (which
usually is GND), to short-circuit the parasitic capacitor and avoid forward-biasing
the corresponding PN junctions.

e Capacitor ESR is expected to be exceedingly high (as regards power efficiency
and output ripple), because of the polysilicon and channel resistivities. Addition-
ally, channel resistivity depends on the applied gate-to-source voltage. Inevitably,
specific and accurate design strategies are required to reduce the ESR.
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Fig. 3.13 Qualitative representation of the parasitic gate capacitor variation as a function of the
gate voltage (reprinted from [5]). Once the V7 threshold is exceeded (and the channel is created),
the capacitance value remains rather constant

e In case of technological nodes beyond 0.25 pm or 0.18 pwm (and the consequent
reduction of the gate insulator thickness), leakage current through the gate insu-
lator due to tunnel effect could result in energy losses no longer negligible [5].

e If possible, Low-V; transistors are preferred to implement the MOS capacitor
because the required gate voltage for channel formation is lower, which, addi-
tionally, yields a lower channel resistance for the same gate voltage value.

3.2.2 Proposed MOS Capacitor Design Procedure

As mentioned in the previous section, one of the main disadvantages of the MOS
capacitors (MOSCAP, from now on) is their relatively high ESR, which not only
increases power losses, but may result in an important increase of the output volt-
age ripple. Therefore, it becomes fundamental to model the corresponding ESR to
predict its value and, necessarily, reduce it by means of a properly optimized design.

3.2.2.1 ESR of a Single MOS Capacitor

The first issue to consider when modelling the MOSCAP ESR is the distributed
nature of the gate capacitance and the parasitic resistances from gate polysilicon, as
well as the transistor channel. This is a matter that has been addressed by different
authors in the bibliography. Especially, works from Larsson [6] and Jin [7], are very
useful when attempting to model the MOSCAP ESR (although they were developed
for RF application purposes).

Larsson’s Model

This model only considers the distributed channel resistance as shown in Fig. 3.14,
whose equivalent circuit is depicted in Fig. 3.15a [6]. In this scheme, ¢, is the
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Fig. 3.14 Distributed channel resistance of a MOSCAP [6]
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Fig. 3.15 Equivalent circuit of the channel resistance and capacitance of a MOSCAP. a Direct
physical to circuit translation. b Simplified version after folding through the central point A [6]

capacitance per unit length, whereas r,, is the resistance per unit length. Since due to
circuit symmetry it can be assumed that no current flows through node A, the circuit
can be folded, resulting in the open-ended transmission-line model in Fig. 3.15b,
whose impedance is given by:

R
T sRC
Zaist =+ é coth ( 1 ) (3.10)

where R is total channel resistance, and C is total gate capacitance (C = C, WL,
being W and L the gate length and width, respectively).
The series expansion of (3.10) results in:

sC 127 720

R/l x x3 1 R sCR
~ R (3.11)

Zgy = — (=
dist = 2\ 3y T3 755

where x = /s RC /4. By comparing to the impedance of a lumped series RC circuit
(3.12), it can be noted that whereas the expression of the capacitance is coincident,
the resistance of the distributed model is frequency-dependent and corresponds to
the 1/12 of the lumped model.

1
Zump = — + R (3.12)
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Hence, the ESR of a MOS capacitor is (channel resistance only):

R
Raist = T (3.13)
av,

R= % (3.14)
d]d_y de:()

Jin’s Model

More recently, Jin et al. [7] presented a more detailed model that includes the gate
polysilicon resistance as well (shown in Fig. 3.16), which is given by:

w
RG = Rpoly (af + ,3) (3.15)

where Ry is the polysilicon square-resistance, f is the external resistance (due to
connection path) and « is either 1/3 or 1/12, if the gate is connected from one or
both sides (short-circuiting both extremes), respectively.

Fig. 3.16 Distributed channel
and gate resistances of a

MOSCAP [7] Rg

=

c L I I I
X T T T T

W

Rch

Apart from the static resistance Ry (3.16) (equivalent to the one modeled by
Larsson), this model accounts for an additional source of channel resistance due to
changes in channel charge R4 (3.17), hence being the complete channel resistance
R.;, composed of two parallel terms (3.18).

dVy L

= = (3.16)
T dlas by ANCoxW (Vs — Vi)
Rugm — = (3.17)
d = ’
¢ n W/'LN Cox Vterm
RyR L
Rup = st ted (3.18)

V(Rst + Req) B VWMNcox(therm + Vgs - Vi)
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where 7 is a technology dependent constant (and usually is 1), y = 12 provided
that the transistor operates in active region (which is the case for Vi = 0, i.e.
both extremes of the transistor channel are short-circuited), and hence matches with
(3.10).

The complete model for the ESR of a MOS capacitor resorts to the previous mod-
els, which, when neglecting external resistance (it is assumed a perfect connection
in both terminals) and frequency dependence, is given by:

1 L w
ESR = Ry + Rg = Z 4 Ry —  (3.19)
¢ VMNCox(nVlerm + Vgs -V W po L

Due to the complementary dependence on MOSFET transistor aspect ratio
(W/L) of the two terms in expression (3.19), the ESR will exhibit an absolute
minimum for a certain aspect ratio:

dESR w

aw/n - L

1
= (3.20)
opt Y UNCox(MVierm + Vgs - Vi) Rpo[ya

And this optimum aspect ratio produces the minimum attainable capacitor ESR
for a given set of technological parameters:

Rporyc
ESRpin = 2 (3.21)
VﬂNcox(n Vierm + Vgs - Viv)

This value is obtained for the case of equal gate and channel resistances (Rg =
R:1n). Note that the minimum attainable value of ESR is dependent on both techno-
logical parameters, and the voltage applied to the MOSCAP. Furthermore, it is inde-
pendent of the capacitance value since this value relies on the area of the MOSCAP
gate, but not on its aspect ratio.

Figure 3.17 shows the evolution of the capacitor ESR as a function of its aspect
ratio, for example process parameters (corresponding to a 0.25 wm process). From
these results, it is noted that a square-shaped MOSCAP would result in a extremely
high ESR, due to the high channel resistance value. Thus, it becomes of capital
importance to implement MOSCAPs with an optimized aspect ratio.

3.2.2.2 MOSCAP Matrix Structure

The results from Fig. 3.17 expose that even when the MOSCAP presents an opti-
mum aspect ratio to reduce its ESR, this results exceedingly high to satisfy specifi-
cations for most of the power applications.

It is well known that a usual strategy to reduce ESR using discrete components
considers parallel connection of several capacitors. Caution should be taken when
extending this concept to the VLSI technology, since the direct snake-shaped paral-
lel connection of several optimum-sized transistors (Fig. 3.18a) results in the parallel
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Fig. 3.17 MOSCAP ESR evolution as a function of the transistor aspect ratio. Parameters values:
Vierm = 25mV, Cox = 6.27fF/um?2, uy = 376cm?/(sV), Vv = 0.17 V (Low- V7 transistor are
considered), Ryoyy =2.5Q,y =12, = 1/12

diffusion

\
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(a) (b)

Fig. 3.18 Connection of several MOSCAPs to reduce the total ESR. a Snake-shaped connection
results in an equivalent non-optimum design. b Parallel connection of gates, drains and sources,
results in true parallel connections of channel resistances and gate resistances

connection of corresponding channels whereas the associated polysilicon gates are
connected in series, yielding a non-minimum ESR (equivalently, as becomes clear
in Fig. 3.18a: the transistor increases its aspect ratio and loses optimality as regards
ESR). In fact, this kind of connection results in the parallel connection of the channel
resistances, whereas gate resistances become series connected, thereby producing
high ESR value.

The connection scheme shown in Fig. 3.18b, produces the parallel connection
of both gates and channels terminals, respectively. As a result, the achieved ESR is
(provided that transistors are of optimum aspect ratio):

ESRmin
n

ESR = (3.22)

where 7 is the number of MOSCAP in parallel connection.
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In the following, a matrix structure that connects multiple MOSCAPs by the use
of the gate polysilicon layer plus the 3 bottom level metal layers of the considered
process is presented, and the corresponding area considerations are provided. The
capacitance of a MOS capacitor depends on the transistor gate area and its capaci-
tance per unit area (C,y). As shown in (3.22), the ESR depends on both technology
(ESR,;in) and the number of parallel transistors (n). Therefore, the total area of
the capacitor depends on the required values of C and ESR, because a portion of
the total area will be used to interconnect the transistors (which could be signif-
icant, since many parallel-connected MOSCAPs could be required to achieve an
ESR value low enough). Following this reasoning, two types of areas are distin-
guished: the capacitive area (total gate area, Ac.) and the routing area (area spent
to interconnect the transistors, Ac,). Capacitive area is proportional to the number
of transistors and their dimensions (W and L), and directly related to the required
capacitance value:

C
Ace = o= nWL (3.23)

oxX

Routing area will depend on the number of transistors, their dimensions and the
overhead area per transistor used to interconnect them. Since the overhead area
depends exactly on the particular structure used to arrange the transistors and con-
nect them, in the following the herein proposed matrix structure is presented.

Transistors are arranged in a matrix modular structure (Fig. 3.19). Gates are inter-
connected by means of a polysilicon sheet where only contacts metall-difussion
open the necessary holes (Fig. 3.19a). In parallel with each row of transistors, there
is a metall strip (and their corresponding contacts to polysilicon) which reduces the
resistance between adjacent gates (Fig. 3.19a). Afterwards, all these metall strips
are interconnected using a wide metal2 sheet (Fig. 3.19¢), which becomes the capac-
itors gates terminal. As regards drains and sources, they are connected using strips
of metall over transistors (with W width), which are, in turn, interconnected at the
ends of each row, by means of metall and metal?2 strips (and the corresponding vias
metall-metal2), as exposed in Fig. 3.19b. Finally, the two metal2 strips are short-
circuited using a sheet of meral3, which is the capacitor terminal corresponding to
the drains and sources (Fig. 3.19d).

In order to properly create the transistors channels, higher voltage should be
connected to gates terminal (since NMOS transistors are used to implement the
MOSCAP structure). Usually, drains and sources terminal should be grounded to
short-circuit the parasitic substrate coupling capacitor.

Analyzing an unitary cell of the proposed structure (detailed in Fig. 3.20), the
overhead area per transistor can be determined as a function of gate dimensions,
source and drain contacts dimensions, and the inter-element distances according to
layout design rules (determined by the technological process). Then, an expression
for the routing area of the overall structure is obtained:

Acr = n(a(L + b) + Wb) (3.24)
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Fig. 3.19 Proposed matrix structure to connect several MOSCAPs in order to reduce the total
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Fig. 3.20 Single cell
dimensions of the MOSCAP a
structure
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where b and a represent length and width overhead, respectively. This expression
does not take into account the area spent in peripheral interconnections, but it can
be assumed that it is not significant in front of the area spent to interconnect a large
number of cells. According to layout design rules for the considered 0.25 pm tech-
nology,a = 0.8 pm and b = 0.8 pm.

A benefit from the modular structure of MOSCAP matrix herein presented is that
it is more suitable to fill the interstices between the circuits that appear in many chip
layouts. Therefore, it can be used to take profit from those spaces to distribute the
output capacitor of an integrated switching converter (as proposed by Abedinpour
in [84]), or even for power supply decoupling.

In the following, a resistive model of the proposed structure is provided in order
to take it into account when determining the total ESR of the overall MOSCAP. To
develop the model, the whole structure is divided in two different circuits: the gate
circuit and the channel circuit; and both of them are separately analyzed.

Before that, note that throughout the analysis it will be supposed a matrix struc-
ture with A columns and B rows (Fig. 3.21).

L+b
.

I W+a

Fig. 3.21 Columns and rows
subdivision of the MOSCAP
matrix structure A
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The Gate Circuit

To analyze the gate circuit, the ESR of a single MOS capacitor is split in two parts:
one due to the gate polysilicon (Rg) and the second one due to the channel (Rj,).
Only R will be attached to the gate circuit. In Fig. 3.22 a transversal section of the
transistor with the interconnections corresponding to the gate circuit, is shown.

Fig. 3.22 Physical structure of the MOSCAP matrix gate circuit

As it can be seen, the gate polysilicon (the resistance of which has been previ-
ously determined) is short-circuited by means of the metal2 layer at the transistor
boundaries. In this case the interconnection parasitic resistance can be divided into
the one that corresponds to the metal2 layer (r,,2), and the two connections between
this layer and the polysilicon (r,;2), as stated in Fig. 3.23.

2rpm2 2rpm2 2rpm2 2rpm2 2rpm2 2rpm2

Cn Cn Cn
ST T T

Fig. 3.23 MOSCAP gate circuit electrical scheme

In Fig. 3.23 the interconnection parasitic resistances between metal2 and polysil-
icon layers have double their actual value because two adjacent cells share the same
interconnection (thus, their parallel connection results in 7p,2).

The r,,2 value is proportional to the metal2 square resistance (Ryrr2) and the
aspect ratio of the cell:

rm2 = RueT? (3.25)

L+b
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On the other hand, rp,,» results from the series connection of several parallel-
connected vias, and several parallel-connected poly-metall contacts:

Rcont Rvial
Yom2 = + (3.26)
PPE (L 4 5)Scont (L + b)dviar

where R..n; and Ry, are the resistance values of poly-metall contact and vial
(metalll-metall2 contact), respectively. §qon; and §y,1 are the linear densities of
contacts and vials.

The circuital structure in Fig. 3.23 does not allow an evaluation of the resistance
that results from the connection of the multiple cells of a column. Hence, the triangle
connection is translated to star connection by means of Kenelly’s theorem [85].
Consequently, the connection of several cells of a column is represented in Fig. 3.24.

Fig. 3.24 MOSCAP gate circuit electrical scheme, after the triangle-to-star transformation

And the new resistors R4 and Rp values are:

2
Ry = _“pm2tm2 (3.27)
4rpm2 + rm2
4r2
Rp pm2 (3.28)

4rpn12 + rm2

Taking into account that the metal2 layer along the whole column is connected
from both sides, the Larsson’s approach can be applied. Therefore, the circuit is
folded as shown in the following procedure:

1. All the circuit branches from the scheme of Fig. 3.24, are considered as complex
impedances (Fig. 3.25), with the corresponding distributed impedance expres-

sions:
Z
Zgist = v/ Z1Z; coth (,/ Z_) (3.29)
1

7> = nZs, = 2BRy (3.30)
Rp + Rc)Cy + 1
71 = nzy, = S Be T R)Cu + (3.31)
sBC,

Here, C, is the gate capacitance of a single MOSCAP cell.
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— -

Fig. 3.25 MOSCAP gate circuit electrical scheme, generic complex impedances consideration

2. If the circuit is folded from its middle point, the Z; and Z, values are:

BR
7, = TA (3.32)
R Rg)C, +1
z, = {Re + Re)Cn (3.33)
sBC,
3. Expanding (3.29) by means of Taylor’s series:
Zaw= 2 (LiEoxy (3.34)
BT\ T3 s ‘

| Z>
X = Z_1 (3.35)

4. Finally, considering the three most important terms of (3.34):

1 N R+ Rg BR4 B3R3Cys
sC,B B 6 180[s(RG + Rp)Cp, + 1]

Zaist = (3.36)

Once the impedance expression of a column of cells is found, the parallel

connection of A columns is considered, thus:

1 Rc + R BR
4 Re +Rp | BRa
sCy,BA BA 6A

Zaist = (3.37)

where the frequency-dependent term has been neglected. As AB = n, the total
capacitance is represented by the first term of (3.37). Hence, the total ESR of the
gate circuit is expressed as follows:

Rc+ Rp  BR
ESRG = % + 6—AA (3.38)

The Channel Circuit

Basically, the channel circuit analysis is carried out through a reasoning analogous
to the previous one corresponding to the gate circuit. In Fig. 3.26, the longitudinal
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Fig. 3.26 Physical structure
of the MOSCAP matrix gate
circuit

section of a single cell of the MOSCAP matrix is found, whose equivalent electrical
circuit is depicted in Fig. 3.27a, being the resistor values:

L+b
rm1 = RmET! W (3.39)
RC()Ylt
- 3.40
Tdm1 W (3.40)

where Rygr] is the metall layer square resistance and R.,,; and 8., represent the
resistance and linear density of diffusion-metall contacts, respectively.

By means of the triangle-to-star connection transformation (Fig. 3.27b), the
equivalent resistor values of the star-connected circuit (which is more suitable to
further circuit calculations) become:

o 2ram1¥m1 (3.41)
AT drg +
452
R = —dml__ (3.42)
4rgm1 + rm1
m1
RA’ RA’
2l gmi 2rdm1
RB‘ + RCH
Fig. 3.27 MOSCAP channel
. K . RcH Cn
circuit scheme. a Direct
translation from physical c
structure. b After the n
triangle-to-star

transformation (a) (b)
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In expressions (3.41) and (3.42), the ' symbol has been added just to distinguish
these parameters from their gate circuit counterparts.

Considering both-sided connections of rows, Larsson’s reasoning can be applied
here too, and the provided row of cells impedance is expressed in (3.43), having
neglected the frequency-dependent term.

I Ra+Ry AR,

3.43
sCrA A 6 343)

Zgist =

In contrast to the gate circuit case, the parallel connection of B rows can not
be considered directly, because in this case the rows are interconnected using the
metal3 layer, which covers the whole structure, and metall connections too, at the
edges of each row. Hence, the corresponding circuit is the one depicted in Fig. 3.28.

In Fig. 3.28a R, represents the metall-metal3 connection at the edge of each row,
and R, represents the connection between two adjacent rows through the metall
layer, at both edges of the rows. Figure 3.28b depicts the equivalent circuit which
is obtained joining R, parallel pairs. It is interesting to note that in case of an ideal
connection on top of the Ry /2 resistors, no current will flow through R, due to the
equality of the voltages at their extremities; thus, their value is not necessary to be
known. Considering that the external connection by means of the metal3 layer is
realized in its middle point, the R, value provided is by (3.46).

A(L + b)
= Ryprs ———+ 2 3.44
Tm3 METS (3.44)
Ry; Ry;

3 = val 4 viaz (3.45)

(W 4+ a)dial (W +a)dyia2

Fm3

Ry = —+r (3.46)

2

where Ryer3 is the metal3 layer square resistance, and R,;,» and 8,4 are the resis-
tance and the linear density of the via2’s (metal2-metal3 contacts).

(b)

Fig. 3.28 Scheme corresponding to several rows connection. a Direct translation from physical
structure. b After some simplification



76 3 Contributions on Converter Integrated Components and Detailed Models

According to expressions (3.44), (3.45) and (3.46), the first term of R, depends
on the matrix shape (by means of the factor A) whereas the second one is indepen-
dent of it, as stated on the following expression:

Rx = R;A + R)/c/ = RMET3 (L + b)A 1 (RVial + RviaZ

> (3.47)
2(W +a) W+a

8vial 8via2

Taking into account R, /2 resistors, as they appear in Fig. 3.28b, now the parallel
connection of B rows can be assumed. As a consequence, the total impedance of the
channel circuit is:

1 R+ Ry; A(R,+3R,) R/
T = X 3.48
dist = SC,AB AB 6B B (3.48)

Disregarding the capacitive term and recalling that AB = n, the ESR value of
the channel circuit is obtained:

Ren + Ry N A(R,+3R,) R!

ESR.p, = B o5

(3.49)

Finally, the ESR of the whole structure of the proposed MOS capacitor is the
addition of those corresponding to the gate and channel circuits:

Rot By AR, +3R) R

ESRT = 6B 2B

n
Rc + R BR
G B, 2h4

—— 3.50
+ , A (3.50)

As shown in expression (3.50), the total ESR depends on the matrix aspect ratio
(A and B) and number of cells n. A more suitable arrangement shows better the
dependencies on the matrix dimensions and that expression becomes as follows:

Ron+ Ry +RG+Rp Ry +3R, A RaB R

ESR; = Rab | Ry
r n 6 B 6 A 2B

(3.51)

Hence, given a number of cells n there will be a constant value of the ESR7 (the
first term of (3.50)), plus a value depending on the matrix shape. According to this,
the matrix shape dependent terms are grouped.

Ren + Ry + Rg + Rp

ESRr = - + ESR} (3.52)
R, +3R.1 R RY
ESRy = —A—mt o m R (3.53)

where r is the aspect ratio of the matrix, defined as r = %
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If the assumption that the last of term of (3.53) is negligible is made (which
will be validated afterwards), it can be noted that ESR’, presents a directly and an
inversely proportional terms. Thus, there’s an optimum value of ESR7 as a function
of B/A.

The optimum matrix aspect ratio r = B/A, that provides the lowest value of
ESR7, is provided in (3.54).

R, + 3R,
Fopt = | —2——2% (3.54)
Ra
And the corresponding minimum value of ESR’, is:
Ra (R, +3R})
ESR’T_min = (3.55)

3

Therefore, the value of the ESR of the optimum shaped structure is given by the
following expression:

Rei+ Ry + Rg + Ry, Ra (Ry +3R})

ESRT_min = n 3

(3.56)

which depends on the number of cells n, the dimension of each cell (W and L) and
the technological parameters.

In the following, the previous assumption that the last term of (3.53) is negligible,
will be validated.

From expression (3.51) it can be seen that when B takes high values, the third
term (apart from the one independent of the matrix aspect ratio) is the most signifi-
cant, and thus the assumption is valid. In case of low values of B, the validity of the
assumption will depend on the following inequation:

R R,+3R. A

— - 3.57
2B 6 B ( )
Which becomes:
3R’
A>» —X — 3.58
> TR (3.58)

The inequation (3.58) generally holds since the values of resistances are of a
similar order and, for the case of B having a low value, A will have a high one
(specially if the number of cells is high).

Figure 3.29 shows the error committed when evaluating the total ESR (in % over
the total ESR) in case of ignoring the last term of (3.53), as a function of n and
for different values of L (and the corresponding values of W) and for optimum



78 3 Contributions on Converter Integrated Components and Detailed Models

3

L=50um

Error (%)
&

4000 6000 8000 10000

Number of cells

0 L
0 2000

Fig. 3.29 Committed error if the last term of (3.53) is not considered in the matrix optimum aspect
ratio calculation. Used technical values appear in the Table 3.2

shaped structures, according to expression (3.54). The error committed is evaluated
as follows:

ESRT ¢ — ESRr

100 (3.59)
ESR7 ¢

Errorgsg(%) =

where ESRT ¢ is the ESR with all the terms that appear in expression (3.51), and
ESR7 is the same value without the ch/ /2B term.

The results of Fig. 3.29 show that the error committed increases with the number
of cells since the relative weight of the ignored term in (3.53) is more significant.
The error increases as single cells become larger, although in any case it is neg-
ligible. Therefore, the assumption is validated for reasonable values of n and cell
dimensions. The technological values used to calculate the results from Fig. 3.29
are presented in Table 3.2.

From expressions (3.24) and (3.56), it is observed that the total area and ESR
depend on the number of parallel connected MOSCAPs. This is, although capac-
itive area is determined by required capacitance and the C,y (from the particular
technological process), the routing area depends on the single cell dimensions and
their number.

As a consequence, several different configurations (in terms of number of cells
and their dimensions) would provide the desired capacitance but different ESR and
total occupied area values. Thus, a merit figure is defined to select the design that
minimizes the product between the total occupied area and ESR, this is, that maxi-
mizes the following expression:

1

I'c=
ESRr(Ace + Acr)

(3.60)
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Table 3.2 Technological values used in example MOSCAP calculations

Technical Technical

parameter Value parameter Value

Vs 1Y Cox 6.27 fF/pum?
UN 376 cm?/(sV) Vierm 25mV

o 1/12 y 12

a 0.8 um b 0.8 um
Rpo[y 2.5Q RMETI 53 mQ
Ryier? 53 mQ RyET3 53 mQ

Scont 1/0.72 cont./pm Svial 1/0.76 Vial /pm
Svia2 1/0.76 Via2/pm Reont 5Q/cont.
Ruial 3.5Q/vial Ryia2 3.5Q/via2
Characteristic Value

Single cell optimum aspect ratio 44.51

Single cell minimum ESR 18.54 Q

Figure 3.30 presents the results from the design of a 15nF MOSCAP and 1V
of applied voltage. Total occupied area and capacitive area (Ac.) are depicted as a
function of the number of cells (Fig. 3.30a), as well as the total ESR (Fig. 3.30b)
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Fig. 3.30 Design example results of a 15nF MOSCAP and 1V of applied voltage: a Total and

capacitive area, b Total ESR and ¢ merit figure
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and the resulting merit figure (Fig. 3.30c). In this case, the selected design would be:
n=6,593,L=285um, W = 127.02um, ESRy = 18.6m®, Ac = 3.08 mm?,
A &~ 320 and B =~ 21. It is interesting to observe that an important amount of
occupied area is spent in the MOSCAPs interconnections (in the figure, this is the
difference between both lines).

3.2.3 Comparison with Poly-Poly and Metal-Metal Capacitors

The two most common methods for implementing an on-chip capacitor in standard
CMOS consider using either two polysilicon layers or two metal layers as electrodes
of the capacitor (MIM capacitor, which stands for Metal-Insulator-Metal capacitor),
yielding voltage-independent capacitors. Although they are actually special techno-
logical modules for CMOS technologies, they are present in most of the mixed-
signal standard processes, and as such, in this work they are considered as standard
CMOS-compatible.

Both kinds of on-chip capacitors should be compared to a MOSFET-based
capacitor as regards to ESR, despite their relatively low specific capacitive density.
According to the resistive component given by (3.15), the ESR is the addition of the
resistance of each plate.

w
ESR = (RMET /poiy)1 + RMET /poly)2) (af + /3) (3.61)

being « = 1/12 in case of a two-sided connection.

If no external resistance is considered, the ESR of a poly-poly or metal-metal
capacitor has no minimum and can be theoretically reduced to negligible values
by means of an extremely low W/L ratio, which becomes impractical for realis-
tic implementations. Figure 3.31 shows the ESR comparison of a single-transistor
MOSCAP as compared with these other implementations cases, as a function of
W/L.

If an optimum single-transistor MOSCAP is compared with poly-poly or metal-
metal capacitor with the same area and W/ L ratio, it can be obtained the frequency
band where each capacitor offers the lowest RC impedance. In (3.62), fi_> is the
frequency value where both impedances present the same value.

Fig = 1 C?—C3 362
727 21ACIC, \ ESR? — ESR '

where 1 and 2 subindexes indicate the different technical implementations for the
ESR values of capacitors with the same W/L ratio, and their capacitive densities.
This is illustrated in Fig. 3.32, for technological parameters from Table 3.2, a 1 mm?
area capacitor and W/L = 44.51. From that figure it can be noted that, in gen-
eral, the MOSCAP is the better choice at low and medium frequencies because
of its higher capacitive density. At higher frequencies (over 1 GHz for practical
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Fig. 3.31 Single cell ESR comparison of 3 different kinds of on-chip capacitor implementations,
as a function of their aspect ratio
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Fig. 3.32 Single cell impedance comparison of 3 different kinds of on-chip capacitor implemen-
tations, as a function of frequency. All of them occupy 1 mm? and present an aspect ratio of 44.51

sizes), where the impedance value is dominated by the ESR value, the metal-metal
capacitor is a better choice because of its extremely low ESR. In this example,
Cymv = 1fF/ umz and Cpory_pory = 0.861F/ um2 were taken as capacitive den-
sities for MIM capacitor and poly-poly capacitor, respectively.

At this point, another expected benefit from the proposed matrix structure should
be considered. This is due to connections by means of 3 bottom level metal layers,
almost throughout the whole capacitor area, that results in a sandwich structure of
metal-to-metal capacitors (which is a well known technique to improve the capaci-
tance per area of on-chip capacitors). Although this ‘MIM’ capacitors have not been
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explicitly developed for this purpose (and therefore provide low capacitance per
area), they are parallel connected to MOSCAP, adding an extra capacitance. Con-
sequently, a reduction of the resulting impedance at higher frequencies is expected,
since they provide very low ESR because of the metal plates.

In Fig. 3.33, an example of the extra impedance reduction due to the opportunistic
sandwich structure is depicted. In this example case, the metal plates of the sandwich
structure were considered to present the same ESR as the MIM capacitor of Fig. 3.32
(RO = 53 m), but its capacitive density is lower (Cy,;,, = 36.3 aF/umz). Since
parasitic capacitance between metall, metal2 and metal3 is considered its plate area
is twice the capacitor area. Furthermore, if a more accurate model is desired, an addi-
tional parasitic capacitor between the gate polysilicon and the metall layer could be
included, taking into account its corresponding ESR. Even more important than this
is to consider that at so high frequency operation, the parasitic inductance should
be modeled and taken into account (since it strongly determines the impedance
behavior).

10*
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Fig. 3.33 Inclusion of the parasitic sandwich capacitor from the interconnection structure to the
impedance comparison of 3 different kinds of on-chip capacitor implementations, as a function of
frequency. All of them occupy 1 mm? and present an aspect ratio of 44.51

3.3 Tapered Buffer Model

3.3.1 State of the Art

Tapered buffers have been historically developed and analyzed in the literature,
mainly in the field of drivers for digital IC pads. In 1975 Lin and Linholm [86]
proposed a delay model based on the propagation delay between two minimum
inverters and Jaeger [87] found the optimum tapering factor that minimized the total
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propagation delay. Afterwards, Nemes [88] added the concept of parasitic delay of
an inverter without load. Subsequently, Li et al. [89] used the split-capacitor model
to determine the total propagation delay of a tapered buffer. In 1991, Sutherland [90]
introduced the delay estimation by means of the logical effort concept.

Although all these works deeply analyzed the propagation delay of tapered
buffers, energy consumption is of paramount interest in high frequency switching
power converters application. Fewer works have studied the power consumption
of these circuits. Choi and Lee [91] proposed a capacitive approach based on the
split-capacitor model. However, the capacitive approach does not account for the
short-circuit current, which becomes more important as the transistor channel length
is shrunk down in most recent technologies. Cherkauer and Friedman [92] added to
the capacitive approach the short-circuit current estimation based on the Sakurai
short-channel «-power model of transistor operation [93]. Unfortunately, nowadays
a-power model parameters are unusual and require non obvious characterization to
derive them (from test structures measurement or simulation).

More recently, contributions about tapered buffer design focused on their applica-
tion to switching power converters have been reported (Stratakos et al. [94], Kursun
et al. [35]) proposing tapering factor values that aim to reduce the corresponding
switching losses. In this respect, an interesting work from Takayama based on the
split-capacitor idea is pointed out [95].

As it will be justified afterwards, three different parameters from the tapered
buffer performance need to be modeled: its power consumption, the fall-rise time
at its output voltage (since power MOSFETs switching losses depend on it) and the
input-to-output signal propagation delay of the overall chain of inverters.

As mentioned before, the last of these items (signal propagation delay) was
well modeled by Nemes [88]. Thus, just the results are reminded here since they
will be necessary. According to this model, the total signal propagation delay of
a tapered buffer can be estimated from the performance of a single inverter, hav-
ing its transistors minimum dimensions. From a very simple transient simulation
the intrinsic delay tg; of an unloaded single inverter can be determined. Having
loaded the minimum inverter with an identic one at its output, the measured extra
delay is the so-called unitary-effort delay t4.1. Then, the overall delay of a chain of
inverters (each of them scaled from the previous one by a tapering factor f) can be
determined.

tg = n(tai + flae) (3.63)
where 1, is the total propagation delay, n is the number of inverters and f is tapering
factor between 2 consecutive inverters.

3.3.2 Proposed Energy Consumption Model

The proposed energy consumption model is based on the amount of charge required
to change the state of a digital inverter. Charge is observed rather than current
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because for switching losses evaluation it is more convenient to model the energy
(that depends on voltage and charge) spent in each switching cycle than to model
the power, since the power changes with switching frequency.

Both intrinsic charge and unitary effort charge concepts (Fig. 3.34) are used to
determine the total charge spent in a switching cycle by the i-th stage of the inverter
chain. As observed in Fig. 3.34, both magnitudes can be very easily measured.

Intrinsic charge Q;. Charge spent due to current flowing from V4, in a unitary
inverter during a state transition.

Unitary effort charge Q.. Charge spent due to the additional current flowing
from Vy, during the state transition, when a unitary inverter is loaded with
an identical inverter.

Switching charge = /=1 Q; + f Q1 (3.64)

In expression (3.64), f represents the tapering factor, and i is the exponent cor-
responding to the i-th stage, being the first one i = 1. The total charge per cycle
supplied from the voltage source to the whole n-inverters chain is:

. n . n __
Or=01+Q+...+ O = <%+Qel)2fl = (Qi + fQe1) J;_l
i=1
(3.65)
And consequently the energy consumption is given by:
fr=1
Egriver = Vaa (Qi + erl) ﬁ (3.66)

The most common definition of the tapering factor [88] is found as the ratio
between the equivalent input capacitance of the first stage (Cyy), and the equivalent

Q;

i

(a) (b)

Fig. 3.34 Main concepts to estimate both energy consumption and fall-rise time of a tapered
buffer: a intrinsic charge and fall-rise time; b unitary effort charge and fall-rise time
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input capacitance of the target load (the power MOSFET gate in the application
under study), connected at the tapered buffer output (C,yy).

n C()Ml‘

f B Cin

(3.67)

Because of the planar capacitor associated with the transistor gate in standard
CMOS technology, the output-to-input capacitors ratio of the inverters chain can be
expressed in terms of the dimensions, and, in turn, in terms of their corresponding
channel widths, which is more useful in the design step:

f _ \,,/Caprower_MOSLch _ \/Wpower_MOS (368)

Cox(Wp + Wy)Len Wp + Wy

being Wyower_mos the channel width of the power MOSFET, and W), and W, the
channel width of the PMOS and NMOS of the input inverter, respectively.

In order to validate the model, the results from equation (3.66) are compared
with transistor-level simulation results for a particular 0.25 pm CMOS technology.
In Fig. 3.35, the evolution of energy consumption for several inverter chains with
different number of stages is shown. In all cases, the output load is a 10, 000 pm —
width PMOS transistor, and the supply voltage is 3.6V (which is the nominal
value of a Li-Ion battery). It is observed that the energy consumption increases for
higher number of inverters. In Fig. 3.36, the current supplied by the power source is
depicted from transistor level transient simulations for 3 different tapered buffers, all
of them driving the same power transistor. The area covered by the current curves is
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Fig. 3.35 Driver energy consumption as a function of the number of inverters, with the tapering
factor definition from (3.68)
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Fig. 3.36 Output voltage and current consumption (a falling edge and b rising edge) of 3 tapered
buffers with different number of inverters (3, 5 and 7) driving a 10,000 wm PMOS transistor (the
corresponding tapering factors f are: 20.87, 6.19 and 3.68). Data is extracted from transistor-level
Cadence simulations

the required amount of charge to change the driver state (for the sake of representa-
tion, both transitions are exposed separately in an appropriate zoom). The resulting
tapering factor for each design is: 20.87, 6.19 and 3.68.

In the results from Fig. 3.35, it is observed that an offset-like error is produced
in the energy consumption estimation with the proposed model, in fact, the results
from (3.66) become too pessimistic. However, it is noted the trend of the consumed
energy is well reproduced.
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Note that in case that the load input capacitance can not be easily modeled (e.g.
nonlinear capacitor), a more general definition of the tapering factor can be used. In
that case, the n-root of the ratio between the charge spent to change the state of the
load device (Q,u¢), and the unitary effort charge is computed:

n Qout

f - Qel

(3.69)

Figure 3.37 shows that better accuracy is obtained from the proposed model if the
tapering factor definition from (3.69) is used. Furthermore, a slightly reduction of
energy losses is observed when the tapered buffer is more properly defined. Unfor-
tunately, in this case it is required to measure the charge spent to drive the output
for any different power transistor size, which may result very computing intensive.
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Fig. 3.37 Driver energy consumption as a function of the number of inverters, with the tapering
factor definition from (3.69)

All the required technical values and simulation measurements to obtain the
shown results are grouped in Table 3.3.

3.3.3 Proposed Fall-Rise Time Model

Taking into account the monotonic evolution of energy consumption as the driver
number of inverters increases, it might seem that the optimum design consists in
a one-inverter tapered buffer. Nevertheless, there is an additional factor to take
into account in the design step. The switching losses of a power MOSFET tran-
sistor depend on the time spent to change its state (the slower the transition occurs,
the higher the switching losses are), which directly depends on the tapered buffer
design.
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Table 3.3 Parameters used to characterize the tapered buffer

Technical parameter Value
Battery voltage Vi 3.6V
Power PMOS channel width Wyoer_m0s 10,000 pm
Minimum inverter PMOS channel width W, 0.8 um
Minimum inverter NMOS channel width W, 0.3 pm
Minimum transistor channel length L.j 0.34 um
Intrinsic charge Q; 11.33fC
Unitary effort charge Q. 11.58fC
Intrinsic fall-rise time #7; 64 ps
Unitary effort fall-rise time #f| 62.34ps
Intrinsic delay time #,4; 4594 ps
Unitary effort delay time 74,1 28.53 ps
Switching losses to fall-rise time ratio bp 0.06264 J/s

Thus, the output fall-rise time (17, as the average value of both fall and rise times,
evaluated with the 10-90% criterion) should be considered when designing a power-
aware tapered buffer, assuming that both fall time and rise time are similar.

The fall-rise time of the last stage of a tapered buffer can be approximated by
means of the following expression:

Ifr = lfyi + ftfrel (3.70)

where f5; is the intrinsic fall-rise time of a single minimum sized inverter without
load, and s is the unitary effort fall-rise time (additional transition time when
a minimum inverter is connected to another one), as seen in previous Fig. 3.34. In
Fig. 3.38 the proposed model results (3.70) and the transistor-level simulation results
are depicted. A relatively good matching regarding trend is observed, whereas a

Fall-rise time (ns)
S
o

2 3 4 5 6 7
Number of inverters

Fig. 3.38 Fall-rise time as a function of the number of stages, with the tapering factor definition
from (3.68)
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rather constant ratio between the model results and the simulation measurements
exists.

As shown in Fig. 3.38, the #; increases as the number of inverters is reduced
(and the corresponding tapering factor increases). This trend becomes clearer in
the transient simulations of Fig. 3.36, where falling and rising edges of the output
voltage are presented for several inverters chains (with the corresponding different
tapering factors), keeping the power MOSFET size constant.

Again, more accurate results are obtained from the model if the ;- calculation is
carried out with the tapering factor definition from the ratio between charges (3.69)
rather than from the transistor channel width, as shown in Fig. 3.39.

o Simulation measurements

+ Model results
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Fig. 3.39 Fall-rise time as a function of the number of stages, with the tapering factor definition
from (3.69)

3.3.4 Optimized Design of Tapered Buffer Driving a Power
MOSFET

The identification of two opposed trends in the dependence of energy consumption
and fall-rise time on the number of inverters of the tapered buffer, suggests the exis-
tence of an optimized design of the tapered buffer as regards energy consumption
(this is, when aiming to minimize the overall switching losses encompassing tapered
buffer and power transistor).

To find this optimized design, a relationship between fall-rise time and switching
losses in the power transistor is required. As it will be shown afterwards, in this
work a linear relationship between a fraction of the switching energy losses of a
power MOSFET and the driver output fall-rise time, is proposed.

ErT_D = tbp 3.71)
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where bp is the linear relationship coefficient between the f;- value and a fraction
of the power MOSFET switching losses, and is expected to depend on the power
transistor channel width and the switching conditions (i.e. switching current and
voltage).

Resorting to the modeling provided by Egs. (3.71) and (3.66), an expression for
the overall power losses related to power driver design, can be obtained:

-1
f—1

Ep = Etrr_D + Edriver = tfrbp + Vaa (Qi + f Qer) (3.72)

The last step is to substitute the tapering factor by its expression in terms of
number of inverters n (as given in (3.67)). The number of inverters is preferred as a
design variable because it is constrained to natural values, whereas f varies contin-
uously. Finally, the optimized design of the tapered buffer that not only minimizes
its own losses, but minimizes the power transistor switching losses hence achieving
the global goal is obtained as:

log(ap)
ort = Vi (ap—D(0:+0c1) @.73)
at - i e
log [\/ ffre1bD + 1]
where ap is the ratio used to define the tapering factor (e.g. ap = %)

The result of expression (3.73) needs to be rounded to the nearest natural value,
since it represents the number of inverters of the tapered buffer. It should be noted
that (3.73) could provide both even and odd values. Therefore, the possible sign
inversion in the control signal transmission should be taken into account in the
design phase.

Figure 3.40 depicts the total losses related to the driver design (which implies the
driver energy consumption as well as the power transistor losses due to a non-zero
fall-rise time, as exposed in (3.72)), as a function of the driver number of stages. In
this case, the selected design would be composed of 3 inverters, being the tapering
factor defined as the ratio between the transistor channel widths. Consequently, the
previous observed error in the energy losses estimation is still present, although
the model still allows to identify the design that minimizes the total losses. In the
example, the relationship between the #; and the power transistor switching losses
was determined to be bp = 0.06264 J /s, from transistor-level simulations.

At this point, attention should be paid on an additional degree of freedom in the
driver design. This is the PMOS channel width of the minimum inverter (the first
driver stage). A conventional design would impose the minimum channel width for
the NMOS transistor, and the channel width for the PMOS transistor that equalizes
their respective conductivity. However, this could result in higher power consump-
tion or greater fall-rise time. Thus, it is interesting to choose the ratio W,/ W, (or
the value of W), provided that the NMOS transistor presents the minimum channel
width) that minimizes the overall energy losses. In this sense, it is interesting to run
a batch of simulations and the corresponding measurements to observe the evolu-
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Fig. 3.40 Total losses as a function of the number of inverters. The optimum design that minimizes
the overall losses is identified

tion of the four required parameters (Q;, Qe1, i, tfre1) as a function of the PMOS
transistor channel width (Fig. 3.41).

Then, expression (3.73) should be evaluated for any W), value (and the corre-
sponding parameters values) to obtain the design that provides the minimum power
losses. With all this information, the evolution of the resulting energy losses from
the accordingly optimized designs is presented in Fig. 3.42.

The results from Fig. 3.42 could be somewhat surprising, since total losses are
directly related to charge parameters as well as fall-rise time, as stated by (3.72).
Because of the simulation measurements from Fig. 3.41 that increase for higher W),
values, a minimum in the total losses curve would be expected. Nevertheless, it must
be taken into account that the optimum tapering factor decreases as W), increases

18 T T - T T T 76

ol 74
72
70
68
66 : :
oal NI

Ny ML :
62)...... L \J‘-’V“\«"J U

Q; and Qg4 (fC)
t fri and t fre1 (ps)

N N N N N N 60 - - - - - -
02 04 06 08 1 12 14 16 02 04 06 08 1 12 14 16
W,, (um) W, (um)

(a) (b)

Fig. 3.41 a Q; and Q,; variation as a function of the PMOS channel width of the minimum
inverter. b Similar essay for #; and #4,1 parameters. In both cases, W, = 0.3 um
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Fig. 3.42 Total losses as a function of the minimum inverter PMOS transistor channel width

(Fig. 3.43), since the ratio between the output power transistor gate capacitance,
and the input capacitance of the minimum inverter is reduced.

Ideally, it is observed that higher W), would reduce the total power losses related
to the driver design. However, this might be a misleading reasoning because it must
be considered that the input signal of the tapered buffer is driven by the control
circuitry. As a consequence, the minimum driver input capacitance should not be
increased more than the output driving capability of the control circuitry.
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Fig. 3.43 Optimum tapering factor (that minimizes power losses) as function of the W), value
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3.3.5 Propagation Delay t; Constraint in the Driver Design

In the previously presented design procedure no timing constraints have been con-
sidered. In this sense, Fig. 3.44 represents the fall-rise time that results from the
optimization of the tapered design (according to (3.73)). Here, additional consider-
ations should be done regarding the operating switching frequency of the converter
to be designed; and some constraints should be applied if the ratio between the
duration of the any of the control signal states, and the fall-rise time is too small.
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Fig. 3.44 Resulting t5- when the tapered buffer design is optimized for any W), value

Furthermore, overall malfunction could result if propagation delay () is suf-
ficiently close to the control signal states duration. Specially, in the case where
any power transistor requires its own driver; and they are supposed to exhibit equal
delays when designing the control scheme. To prevent these problems, signal prop-
agation delay is evaluated for any driver, by means of the well known expression
(3.63).

Figure 3.45 shows the variation of the intrinsic delay t;; and the unitary effort
delay tg4.1, required to calculate the propagation delay.

The information from Fig. 3.45 is used to evaluate the total signal propagation
delay as a function of n and W, as shown in Fig. 3.46. From these results, the
propagation delay information can be used to constrain the tapered buffer design
space. As an example, in Fig. 3.47 the total energy consumption (from the tapered
buffer itself plus the power MOS switching losses) is exposed as a function of W,
and n. In this figure, the projection of the design area constrained to those designs
that produce a propagation delay lower than 1.15 ns is marked with a white contour.
As a consequence, the desired design configuration is the one that generates the
lowest energy losses, while keeping a propagation delay lower that 1.15 ns. In this
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Fig. 3.46 Total signal propagation delay #; as a function of the number of inverters n and the
minimum inverter PMOS channel width W),

case, this optimized design corresponds to n = 5 and W, = 1.19 um (marked with
a white cross on the figure).

The noisy appearance of Figs. 3.41b, 3.45 and 3.47 is mainly due to signal mea-
surement inaccuracies on the simulation results.

At this point, it should be observed that, as regards the optimum driver design,
only energy losses are minimized. The reason for this can be found in the design
results of Chap. 2, specially in Fig. 2.24b, where it is observed that the driver
area occupancy becomes insignificant in front of the area occupied by the reactive
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Fig. 3.47 Total energy losses as a function of the number of inverters n and the minimum inverter
PMOS channel width W),. The marked area includes all the designs that produce a propaga-
tion delay lower than 1.15ns. The selected design that minimizes the energy losses and holds
tqy < 1.15ns is marked with a white cross

components, whereas the driver power losses have a great impact on the overall
power efficiency.

The results of the design optimization (Fig. 3.47) yield that the optimum tapering
factor (f = 5.83) is greater than the one used in typical digital applications that
maximize speed (in terms of propagation delay), whereas it is not so small to just
minimize the driver energy losses. This arises from the fact that a joined codesign
of the tapered buffer and the power MOS transistor (afterwards presented) is pro-
posed in this work, from the modeling of both the driver energy consumption and
output voltage fall-rise time (#;) (assuming a relationship between this and some of
the power MOS switching losses). Being this models similar to the one previously
existing for the propagation delay [88], and very simple to obtain from transistor
level transient simulations.

Additionally, the exploration of the impact of the W,/ W), ratio (or more directly,
W, width) as a degree of freedom of the design procedure, leads to a driver design
improvement (as regards total energy consumption).

Finally, the propagation delay has been presented as a constraint of the driver
design space, in order to guarantee the convenient driver operation, by means of
assuring that it is not higher than the maximum tolerable by the control scheme.

3.3.6 Area Occupancy Considerations

Although only energy losses are minimized by means of the optimized driver design,
it is interesting to compute the corresponding occupied silicon area in order to



96 3 Contributions on Converter Integrated Components and Detailed Models

include it in the total design space exploration. Thus, it is calculated as the addition
of the area occupied by all the driver transistors considering not only the gate area,
but also the sources and drains diffusion areas.

ap — 1
Adriver = (Wp + W) (Lmin + Ld@'}j")— (374)
fopt -1

where L gy is the drain and source diffusion length, extending aside of the transistor
gate.

3.4 Power MOSFET Losses Model

3.4.1 State of the Art

Historically, the high-power low-frequency application of switching power convert-
ers required power switches with a very low on-resistance (R,), and high-current
driving capabilities. However, the miniaturization requirements that stems from its
application to portable devices pushes the trend to continuously increase the switch-
ing frequency. This results in the fact that switching losses start to become as impor-
tant as the conduction losses.

Therefore, it is very interesting to appropriately model both conduction and
switching losses in power switches (that, in case of standard CMOS implementa-
tion are MOSFET transistors), in order to foresee the energy losses and estimate the
overall efficiency of the power converter.

Following the design lines proposed in this work, the selected power loss model
should be inserted in the overall design space exploration scheme. Hence, this
model is required to account for variations of the electrical switching conditions
(i.e. switching voltage and current, and gate driving voltage), switching transition
duration, and it should be suitable for both DCM and CCM operating modes. Even
more important than this is that it must be parametrizable by the power transistors
channel width (provided that they present minimum channel length), since in micro-
electronic design it is the major degree of freedom and advantage.

Because of their simplicity, conduction losses are relatively easy to model. Com-
monly, they are computed as the product between the square of the transistor current
RMS value and its equivalent on-resistance (R,,). The main handicap is to deter-
mine the R, value accurately enough. Its most habitual expression is obtained from
the quadratic-model of the MOSFET transistor (and the corresponding technical
parameters), considering its operation in the triode region and a very low drain-to-
source voltage drop [96] (although already presented in Sect. 2.2.2.3, it is reprinted
here just as a reminder):

L
Ron = ch (3.75)
mN/PCoxWoower_mos(Vgs — Vingp)
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Nevertheless, in case of deep-submicron technologies the quadratic-model could
become no longer accurate and a different expressions might be required (e.g. from
the a-power model [93]). On the other hand, Kursun made use of some simulation
results to extrapolate the R,, value as a function of the channel width, for a given
gate-to-source voltage [34, 35].

As regards switching losses, the previously developed work is much more het-
erogenous. This is because they are more difficult to model due to the high number
of non-linear parasitic components that show their effects during the transistor state
transition, as well as the effect of inductive clamped switchings.

The most basic models for switching energy losses evaluation just consider the
integration of the vgsigs product during the switching interval; where different vari-
ations may include linear (as the model presented in Sect. 2.2.2.3) or more realistic
waveforms. A further step in the model complexity has been carried out by several
authors, specially in the field of discrete power transistors for switch-mode power
supplies [97-101]. These are somehow based on the reproduction and analysis of
the internal transistor currents and voltages waveforms. These works can include
the non-linear capacitors as well as the parasitic inductors from the package pins.
Unfortunately, these models generally rely on the knowledge of several component
parameters (such as the gate resistor value) which are usually provided by the man-
ufacturer (in the datasheet), but result very difficult to model in the integrated frame-
work. To justify this assertion, note that the equivalent gate resistor of an integrated
power MOSFET depends on the driver design and layout, the power MOSFET lay-
out, and the drain and source diffusion resistivity (which may result non-linear).
However, Brown [99] preferred to use the equivalent charge invested to change the
voltage of some of the parasitic capacitors, in case that the timing of the different
phases that happen along the switching interval could not be easily determined. A
very interesting advantage of these models is that some of them provide an analytical
calculation of the switching losses that could yield an optimized design, by means
of analytical methods.

Another different approach to switching losses evaluation (more focused on the
on-chip integration) claims that the energy lost in switching transitions is due to
charging and discharging the parasitic capacitances of the MOSFET transistor, spe-
cially the x-node capacitor (in case of a buck converter) [34, 35, 96, 102]. Although
this approach yields very simple expressions, suitable for an analytical optimization
of the transistor design, it does not consider any dependency of the switching losses
either on the switching interval duration, nor on the inductor current at the switching
instant. Additionally, the presence of an inductive clumped load connected at the
switching node, is not taken into account in most of these works. Consequently,
no switching loss reduction due to soft-switching techniques such as, Zero-Voltage-
Switching (ZVS) or Zero-Current-Switching (ZCS) is considered.

Finally, a very interesting switching losses model was proposed by Williams et al.
in 1995 [103]. This approach, specifically developed for discrete vertical DMOS-
FETs, takes into account the energy spent in charging and discharging the non-linear
parasitic capacitors, but also includes the effect of discharging some of them by
means of the inductor current (which is a lossless process), and thus, some energy
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is saved. This approach makes unnecessary to model the gate resistance, since no
waveform is reproduced. Moreover, it also includes the voltage and current overlap
during switching transition, which adds to the model the dependence of switching
losses on the state change duration and the instantaneous inductor current. This
interesting work even includes the conduction losses by an R, expression similar
to 3.75. As a consequence, optimum values for gate oxide thickness, gate driving
voltage and die area, are discussed.

In order to appropriately design the power MOSFET to balance both conduction
and switching losses, in the discrete components environment some authors define
a merit figure to be minimized as the product Q;, R,, (being Q;, the charge spent
to drive the transistor gate [99]). This should yield the convenient technology or
device selection to implement the power switches (since in the discrete components
framework no specific design of the power switch is available). Nevertheless, in
[104], Ajram and Salmer developed a fully integrated switching power converter on
GaAs, and evaluated the suitability of different power switch options by means of
the same merit figure.

In case of on-chip power MOSFET, and optimum channel width can be designed
to minimize the total energy losses [105]. In this sense, proposed analytical mod-
els for switching and conduction models led to a closed expression of the opti-
mum channel width W, [33-35, 96]. Furthermore, in [96], Musunuri proposed to
dynamically adapt the power MOSFET channel width to maximize efficiency as the
converter output power changes.

In this work, a model for the switching losses evaluation is proposed, which
closely matches the one presented by Williams for vertical DMOSFET transistors
[103]. It is intended to include the energy wasted to charge the parasitic capaci-
tances of the power MOSFETSs (but considering possible soft-switching transitions)
avoiding the need to model the gate resistance for this purpose. In addition to this,
the model accounts for the dependency on the inductor current during the switching
interval, and its duration (relating the switching losses to the driver design, too). It
is suggested to associate the energy losses to an specific state change of the whole
converter, rather than to any individual transistor, leading to a concurrent design of
all the power MOSFETS and their corresponding drivers. It is important to note that
the loss model herein presented considers that optimum dead-time is applied to the
switching scheme (which can be achieved by means of a dedicated control loop, as
will be explained in another chapter). However, details on the body-diode conduc-
tion due to a suboptimum dead-time, and their corresponding switching losses, have
been widely addressed in the literature [84, 97, 106].

3.4.2 Switching Losses Evaluation

The power MOSFETs switching losses evaluation is split in two different terms:
energy losses due to the charge process of the parasitic capacitors, and energy losses
due to a non-instantaneous transition from the on-state to the off-state. Since both
loss mechanisms act simultaneously, the total switching losses are computed as the
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addition of both of them. In any case, energy is computed rather than power because
the later depends on the switching frequency, which could be variable (depending
on the applied control method).

Esw = ESW_C + ESW_R (376)

3.4.2.1 Capacitive Switching Losses (E,, ¢)

First, any voltage change on any parasitic capacitor is evaluated, and the lost energy
to achieve those voltage changes are computed. This computation is carried out for
any change of the circuit state. Consequently, energy switching losses are associated
to a determined state transition, rather to a singular power MOSFET. The reason for
this association is that, in DCM operation, some state changes may require just one
of the power transistors to switch, although the resulting losses may result from the
design of both transistors.

To evaluate capacitive losses, this work supposes that no inductive effect is
present in the power MOSFET structure. The result of such assumption is that all the
energy losses are due to the Joule-effect any time that charge is transferred through
the parasitic resistors to change the parasitic capacitors voltage. The main advantage
of this approach is that the energy lost during a capacitor charge process (from a
constant voltage source) is an state function, and as a consequence, it becomes inde-
pendent of the transition duration as well as the path parasitic resistors values (that
are usually difficult to model), even when they are very low. In fact, it just depends
on the capacitor value, the voltage source that charges it (Vj,) and the initial and
final capacitor voltages (Vo and V/, respectively). The lost energy can be directly
computed by means of the (3.77) expression (Appendix B).

Vi+ Vi
E=(V;—V)C (vl»,, - %) (3.77)

Figure 3.48 shows the process efficiency as a function of the final-to-input volt-
age ratio (assuming that the initial capacitor voltage is Vo = 0 V). It is interesting
to note that it is a very lossy process, since the minimum losses are only achieved
when the capacitor is fully charged (this is, that its final voltage is the same as the
voltage source), and still they are the 50% of the input energy. For further details on
the energy lost during a capacitor charge process, please refer to the Appendix B.

It is well known that, under the low output ripple assumption, the main node that
changes its voltage along a switching cycle is the node were the drains of both power
MOSEFETsS are connected to the inductor (in this work it is called the x-node, and
its voltage is vy). Additionally, power transistors gate voltage is changed by their
corresponding drivers to turn them on or off (Fig. 3.49).

For the capacitive losses evaluation, the following method is proposed:

1. Having identified the operating mode of the switching converter (DCM or
CCM), all state transitions must be separately analyzed to identify all the voltage
changes in the circuit nodes surrounding the power MOSFETs.
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Fig. 3.48 Efficiency of the capacitor charge process from a voltage source as a function of the final
state of capacitor charge (normalized to the source voltage)

o L
Ay
/|

Fig. 3.49 Buck converter nodes that change their voltage with the state changes

2. Those state changes in which the voltage transitions are obtained by means of
the inductor current are identified and excluded from the loss calculations, since
this is a lossless process (if ideal dead-times are supposed, as well as very low
parasitic resistances).

3. The non-linear behavior of the parasitic capacitors is included in the calculations
by means of C-V tables, resulting from a bunch of simulation measurements.
In the simulations, source and bulk terminals of PMOS and NMOS power tran-
sistors are connected to ground and battery voltage (Vj,;), respectively. Then,
voltage sweeps are run to capture the capacitor dependencies on the drain and
gate voltages (thus, the results conform bi-dimensional tables). These tables are
developed for any considered parasitic capacitor (junction capacitors, overlap
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capacitors, etc...). In all the simulations, the transistor channel width is set to
1, 000 pm and then, parasitic capacitor values are considered to be directly pro-
portional to the channel width.

. Since expression (3.77) can only be applied in case of a constant capacitor, a
staggered approximation is proposed to accumulate the overall energy losses
(Fig. 3.50). Then, the energy lost is computed considering a constant capacitor
charge between two adjacent voltage steps. In Fig. 3.50 the energy lost at the end
of any considered partial charge is depicted as a function of the capacitor value
(and the corresponding capacitor voltage). The total lost energy is computed as
the addition of all the partial losses corresponding to each subinterval.

Egc =Y (Vi = Vo)Ci (v - (3.78)

i=1

Vi + Vo
2

where i identifies the corresponding magnitude of the considered ith subinterval,
and consequently Vo; 41 = Vj.

In the following, all state changes corresponding to a buck converter operation

will be studied. In Fig. 3.51 all the different states of a buck converter (T, Top, T;)
are depicted, and the existing voltage, roughly approached, at any switching nodes
is labeled by gray text. Additionally, gray boxes are used to mark the on-state of

each transistor, for any state.

It is important to note that for DCM operation the switching sequence is 7, —

Ty — Ti — Tpy —

... This implies that turning-on of one of the transistors not

always implies to turn-off the complementary one (as happens in CCM operation).
Two of the state transitions are caused just by switching the state of one of the

transistors.
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Fig. 3.50 Lost energy during the charge process of a non-linear capacitor (from a 3.6 V voltage
source), as a function of the capacitor voltage. The capacitor value is approached by an staggered
function that allows the use of (3.77) in any subinterval
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Fig. 3.51 Buck converter states. Gray boxes mark the on-state of the transistors, for any different
state. Gray text is used to label the voltage value in those nodes that switch their voltage with the
converter states

The voltage excursions of the power transistors gate-to-source voltages (vgsp
and vgey) as well as v, for all the possible state transitions, are summarized in
Table 3.4 for DCM operation. Furthermore, a gray row is used to mark that the
Ton — Ty transition does not generate energy losses on the x-node capacitor,
since it is discharged by means of the inductor current (provided that an optimum
dead-time is applied between turning-off the PMOS and turning-on the NMOS).
Table 3.5 exposes the same results if CCM operation is considered. In this table,
the instantaneous currents values flowing through each transistor during the switch-
ing interval are also presented (which will be necessary afterwards to compute the
resistive switching losses).

After the analysis of all voltage transitions, the parasitic capacitors that produce
the switching capacitive losses must be identified and evaluated. Figure 3.52 shows
all the parasitic capacitors connected to the x-node.
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Table 3.4 Voltage excursions in the switching nodes of a DCM operated buck converter, and
instantaneous transistor current value for each state change

Uy Ugsp VesN  IPMOS INMOS

Ton - Toff Vbat —0 Vbat —- 00— Vbat IL_max IL_max
Ty —T; 0=V, 0—0 Vpe—>0 0 0
Ti = Ton Vo= Vpar 0= Vpgr 00— 0 0 0

Table 3.5 Voltage excursions in the switching nodes of a CCM operated buck converter, and
instantaneous transistor current value for each state change

Uy Vgsp VesN  IPMOS INMOS

Ton - Toﬂ’ Vbat — 0 Vbat —- 00— Vbat IL?max IL?max

Tr)ﬁ" — Ton 0— Vbat 0— Vbat Vbat —- 0 IL?min ILJm'n

Bondpad
Ciap \

CPAD
Cdde I

— .
74{ - CJdN

Fig. 3.52 Parasitic capacitors that contribute to the x-node total parasitic capacitance

Mainly, three different capacitors contribute to the total parasitic capacitor: Cy
accounts for the junction capacitors between the drain and the bulk of each tran-
sistor, whereas according to the BSIM3V3 MOS transistor model (which was used
to measure the parasitic capacitors) Cyy represents the total capacitance observed
from the drain terminal (apart from the junction capacitor). Obviously, both kinds
of parasitic capacitors contribute to the total x-node parasitic capacitor, from both
PMOS and NMOS transistors. Finally, the parasitic capacitor coupling to substrate
corresponding to the bondpad (Cpap), used to connect the inductor (according to
the implementation proposed in Sect. 3.1.2), is also considered.

Cpap is a constant capacitor whose value depends on the bondpad dimensions,
the distance between it and the substrate and the Si O, dielectric permeability.

On the other hand, C4y depends on the transistor dimensions and the voltage
applied to drain and gate. No dependency has been taken into account on the source
and bulk voltages, since these terminals remain constant along the whole switching
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Fig. 3.53 Cyq4 as a function of the Vs and V; applied voltages. It is considered that the source and
bulk terminals are connected either ground or Vj,, for NMOS a or PMOS b transistors, respec-
tively. 1,000 pm channel width has been considered

period. Figure 3.53 shows the variation of C4y as a function of Vg and V,, consid-
ering that the bulk and the source terminals are connected to the ground or to the
battery for the NMOS and PMOS, respectively. In this case, a 1, 000 wm channel
width has been considered. In spite of considering a 0.25 pm technological process,
the selected transistors to implement the power switches present a channel length of
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0.35 wm, since they are input — output transistors, which provide higher breakdown
voltage, that allow to work directly with the Li-Ion battery voltage (3.6 V).

As Cjq regards, it just depends on the transistor dimensions and the drain volt-
age, since the bulk voltage remains constant. Bi-dimensional tables have also been
developed in this case, because of computational needs (to better suit the computa-
tion algorithm). However, in order to provide a more clear view, just the results for
a single value of Vy = 1.8V (arbitrarily selected) are exposed. Again, 1, 000 um
channel width transistors were the devices under test. The resulting junction capac-
itance for the PMOS and NMOS transistors is shown in Fig. 3.54.

1.4

131 1

121 1
PMOS

Cia (PF)

NMOS
0.7 1

05 ' : :
0 1 2 3
Vg (V)

Fig. 3.54 Cj, as a function of the V; applied voltage. Considering that the source and bulk ter-
minals are connected either to ground or to Vj,, for NMOS or PMOS transistors, respectively.
1,000 wm channel width has been considered

To sum up, according to Fig. 3.52 the total x-node capacitance (Cy, ) is the addi-
tion of all the parasitic capacitances.

Cv, = Cian(Van)+CaanVgsn, Van)+Ciap(Vap)+Caap(Vgsp, Vap)+Cpap (3.79)

From the previous expression (3.79), it should be observed the interdependencies
between the losses generated in one of the transistors, and the design of the other
one even in the case in which its state is not switched, as it happens in DCM oper-
ation. The reason for this is that the transistor that switches its state (and changes
vy ) must charge their own parasitic capacitances as well as those related with the
complementary transistor design.
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DCM Operation

In the following, the energy lost in any of the state transitions when the converter
is DCM operated, is evaluated. Figure 3.55 shows the temporal evolution of the
x-node voltage, as well as the transistors gate-to-source voltages (please note, that
Vg is represented instead of the absolute value of the gate voltage), corresponding
to the T,y — T; transition. In this work, for the sake of simplicity, it is supposed
that to change all three voltages takes the same amount of time, and that it happens
simultaneously. Additionally, linear evolutions for the switching nodes voltage is
supposed, too. Otherwise, it would be required to model the effective gate resistance.

From the voltages evolutions (Fig. 3.55a), the corresponding capacitor values are
obtained (Fig. 3.55b), and finally the total capacitive losses corresponding to this
transition can be computed (Fig. 3.55¢c). In this transition, the voltage source that
charges Cy, is the converter output capacitor (at the V,, voltage). Although it could
seem that the charge is carried out through the inductor, in practice, the inductor will
be short-circuited to avoid some noisy oscillations during the whole 7; interval (this
will be deeply explained in a later chapter).

In Fig. 3.55, it is observed that the temporal axis does not show any value, this
should be interpreted as that, for these energy losses evaluation purposes, no timing
information is required (as explained in Appendix B).

The same analysis and considerations are carried out for the 7; — T, transition,
and the results are shown if Fig. 3.56.

As the T,, — T, transition regards, it is observed that the x-node parasitic
capacitor is discharged by means of the inductor current, and its charge is sent to the
output capacitor. Provided that the total parasitic resistance is low, this is a lossless
process. Thus, no capacitive losses are computed related to this transition. Addi-
tionally, it is noted that the energy losses corresponding to the transistors gates state
change are computed and included in the driver loss model (presented in Sect. 3.3).

CCM Operation

The same reasoning applies for the case of a CCM operated buck converter. Con-
sequently, only capacitive losses related to the Ty5 — T, transition are computed.
The corresponding results are presented in Fig. 3.57.

3.4.2.2 Resistive Switching Losses (Esy_r)

According to the proposed switching losses model, the resistive switching losses
are due to a non-instantaneous change in the power MOSFET channel resistance.
This is, it takes some time to pass the channel resistance from an infinite value
(theoretically), down to the low on-resistance value, and vice versa. If inductor is
modeled as a current source with a constant value along the whole switching interval
(Isw), this current is forced to pass through the time dependent resistor, and Joule-
effect losses appear (Fig. 3.58).
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Fig. 3.55 Proposed approach to the temporal evolution of vesp, vgsnv and v, a, and the corre-
sponding parasitic capacitors evolution b, along the T,y — T; transition (DCM). In ¢, the total

capacitance evolution as well as the lost energy are shown
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Resistance

Resistance

Fig. 3.58 Equivalent circuit used to evaluate the resistive switching losses

Basically, the resistive switching losses are obtained from resistance value, the
switching interval duration (fgy0n/0f), and the inductor current at the switching
moment.

Egw g = 175, R1rTt 50 (3.80)

The first thing to determine is the switching interval duration, as resistive switch-
ing losses evaluation regards. In order to do that, transistor resistance as a function
of the gate-to-source voltage is observed. Figure 3.59 shows the obtained transistor
resistance as a function of the gate-to-source voltage (V) and the transistor channel
width (Wpower_mos), for a PMOS and a NMOS transistors (presenting both of them a
0.35 pm channel length, because of the aforementioned reasons). In the figure, axis
resistance is presented in a logarithmic scale because of its great span (specially for
low Vg, values). In addition to this, it must be mentioned that the resistance was
obtained as the V/ 1 ratio, being the drain connected to a 100 mA current source.

Since a linear evolution of the gate voltage has been considered, a direct rela-
tionship between the transistor resistance and the switching interval duration can
be stablished. However, as observed in Fig. 3.59, very low V, values result in
high resistance values, that would produce a voltage drop higher than the transistor
drain-to-source voltage when it is turned off. Thus, to take into account such high
resistance values becomes unrealistic.

As a consequence, in a turning-on action, the switching interval is considered to
start when the gate-to-source voltage is the one that results in a channel resistance
that, in turn, will produce a voltage drop equal to the corresponding voltage drop
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Fig. 3.59 Transistor channel resistance as a function of Vgs and Wysyer_ymos for a PMOS a and a
NMOS b transistors. White level lines are used to mark the 1, 10 and 100 Q values. The channel

length was set to 0.35 pm

when the transistor is turned-off, given the inductor switching current (/,). If an
arbitrary channel width is considered, this can be expressed as follows:

Va
R = Rrrr(Vgs1) = s-off (3.81)

I Lsw

In this sense, the turning-on action is considered to be ended when the channel
resistance is equal to the transistor resistance when it is in its on-state (R,,). This
means that the V,; voltage has reached its final value, which in case of a Buck
converter is equal to Vpg;.
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Ry = RTRT(Vgs2) = Ron = Rrrr (Vpar) —> Vg52 = Voar (382)

In (3.81) and (3.82), the Vg and Vg values are the values the produce the
indicated resistance values.

Therefore, the switching interval duration (#y,,) is the time that it takes to change
the transistor gate-to-source voltage from Vg1 to Vg2, in case of a turning-on pro-
cess. In the turning-off counterpart, the switching interval duration will take an anal-
ogous computation, because of the considered linear evolution of the V voltage,
and the voltage boundaries from Vg to Vge1. However, no symmetric switching
intervals can be considered (as turn-on and turn-off regards), since the switching
inductor current will probably be different. Figure 3.60 is intended to clarify this
reasoning.
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I
N[~ """ - T T T T T T T T T T T T ]
' ty I
b —> 4
s | |
8 ' b
> : 0.8Vpa !
. I 1
! t |
Vgs1 I U I 1
! I I
I
10% [~ = =>4 ; R
| ,|
i I
: Time | :
I | I
| t | I
e - L
1 1
| I
I I
I I
— I ol 1
g | I
o I 1
D":_ l | 1
I I
| I
R1=|Vas_offlLsw I
_______ 1 1
I I
Ro=(Ron | 1
_____________ :
; ; ; ; ; o
Time

Fig. 3.60 ¢, duration evaluation from the R and R, boundaries. It is related to the fall-rise time
through the linear evolution of Vi
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From all the previous considerations, now the switching interval duration can be
expressed as:

VgsZ - Vgsl
tgwy = —————t 3.83
SwW O.Sme fr ( )

To obtain the transistor channel resistance value (Rygr) as a function of the chan-
nel width (Wpower_nmos) and the gate-to-source value (Vy), a bunch of simulations
were run and measured to build a look-up table (and the intermediate values are
interpolated). Then, Rrgr is obtained as a function of time (through the different
Vs values). And finally, it is proposed to compute the average of all the different
Ry, values, and this value is at the end used to compute the resistive switching
losses.

The inductor switching current for any of the transistor state changes, can be
obtained from Tables 3.4 and 3.5, for DCM and CCM operation, respectively.

Thus, the total resistive switching losses for each transistor can be obtained from
expression (3.84).

VgsZ - Vgsl
08 Vba[
|:Vgs2 - Vgsl

Esy r = |: tfrll%sw < Ron >] +

turn—on

0V 1517, < Ron >} (3.84)

turn—off

At this point, it should be reminded that in Sect. 3.3, the driver design was linked
to the power MOSFET design by means of the bp factor, which relates the driver
output fall-rise time (#;-) and a part of the power MOSFET switching losses (i.e. the
switching resistive losses). Hence, (3.84) can be rearranged to determine this ratio,
as follows:

Vos2 — Vst
ESW—R = thf” =Ify [[%Igsw < Ron >] +
-0 Vbat turn—on
Vos2 — V.,
+ [MIZSW < Ron >} (3.85)
0.8 Vbar turn—off

I:Vgsz - Vgsl Vgs2 - Vg.&'l
bD = | — _—

12 <R, > I < R,, >
0.8Vpg W M Lm_un [ 0.8Vpg W T }

turn—off’

(3.86)

3.4.3 Conduction Losses Evaluation

As previously mentioned, conduction losses are straightforward to evaluate, pro-
vided that the effective channel resistance of the power MOS when it is turned-on
(R,y) is well modeled.
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Peona = Ronlﬁz/los (3.87)

The RMS value of the conducted current depends on many of the converter
parameters (see Sect. 2.2.2.3) such as converter topology, output current, switching
frequency, etc. ..

On the other hand, given a minimum channel length transistor, its R,, depends
on some technical parameters, its channel width and the applied gate-to-source volt-
age. The main issue with expression 3.75 is that for short channel transistors, the
model becomes inaccurate. Kursun et al. [34] avoided this issue by measuring the
on-resistance (specified for a given gate voltage) for a single 1 jum transistor channel
width (Rp), and then extrapolated the value for any channel width by dividing this
value by the Wpower_mos.

Due to the resistive switching losses computation needs, a bunch of simulations
and measurements were done to build up a table that accurately relates the R, to
the transistor channel width Wyoy.er_pos, and gate-to-source voltage Vi (although
in the Buck converter case Vg, is considered to remain constant during the whole
conduction state, and equal to Vjgy, since it is the higher voltage of the circuit),
which was already used for the resistive switching losses evaluation.

Figure 3.61 presents a comparison of the obtained results from expression (3.75),
from the Kursun’s expression and the data table, obtained from simulations mea-
surements.

From these results it is observed that the classical expression becomes too opti-
mistic and foresees a lower resistance than the actual, whereas Kursun’s approach
provides accurate results from just one simulation measurement.
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Fig. 3.61 R,, results comparison: (3.75) expression evaluation, Kursun’s model and simulation
measured data. Vo = 3.6V, Loj, = 0.35pm, uy = 393cm?/(Vs), Cor = 4.93fF/um?, Vo =
0.55V
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3.4.4 Area Occupancy Considerations

Throughout this section, no area occupancy considerations have been presented. In
this work, no special design strategy has been developed to reduce the occupied
area of silicon. Thus, the total occupied area by the transistors is computed as a
function of the transistors channel dimensions and the sources and drains diffusion
areas (similarly as in the case of tapered buffers design).

Amos = Wypower M0oS(Lmin + Laif) (3.88)

However, it would be very interesting to study and eventually develop special
layout techniques that not only reduce the area occupancy, but also relatively reduce
some of the undesired transistor parasitic effects (e.g. junction capacitances, driven
current capability, etc. .. ). In this sense, very interesting works have been developed
by other authors [107-110].

3.4.5 Power MOSFETs and Drivers Codesign Procedure

In Sects. 3.3 and 3.4, models for the energy losses evaluation of tapered buffers and
power MOSFETs have been presented. In the tapered buffers design procedure it
was explained that it is linked to the power MOSFETSs design through the bp factor.

Hence, here it is proposed a procedure to carry out the joint design of both power
transistors, as well as their corresponding drivers. This design procedure is focused
to lost energy minimization, while no area considerations are taken into account,
because the design of power MOSFETSs and drivers strongly impacts on the overall
efficiency, as observed in Chap. 2.

As previously mentioned in Sect. 3.4.2.1, the concurrent design of both power
transistors is proposed in this work. As a consequence, the total lost energy evalu-
ation is a function of two different variables (Wp and Wy ), plus a set of external
conditions imposed by the rest of the converter circuit (I7_min, I1_max, Vo.-..) and
technological parameters (L,in, Cox,- - - )-

Additionally, many of the used expressions are non-linear and in many cases,
look-up tables are used to obtained important parameters values (R, C4g,. - - ).

Inevitably, no analytical methods could be used to optimize the design of the
power MOSFETS (and their associated drivers), and numerical methods are used to
optimize the design.

To clarify the whole process, first, the total energy losses evaluation is explained,
and then, some discussion is presented regarding the total design optimization (to
minimize the lost energy).

Figure 3.62 shows a diagram of the proposed evaluation procedure.

1. First of all, the converter operating mode must be determined, in order to prop-
erly identify all the possible converter states.
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Fig. 3.62 Proposed procedure to concurrently design the power transistors as well as their associ-
ated drivers, so as to minimize their power losses

2. Then, all the relevant electrical conditions externally imposed by the converter
operation (switching frequency, inductor, capacitor, control signal duty cycle,
etc...), are used to fill the data from Tables 3.4 and 3.5. RMS values of the
transistors currents are required, too.

3. Then, a pair of values (Wp, Wy ) are proposed by the optimization algorithm and
the conduction losses are firstly evaluated.

4. After that, the capacitive switching losses associated to any switching node
(excluding transistors gates terminals) are computed, as well as the bp factor for
each transistor. This is carried out for all the converter state transitions. Please
note that in case of Zero-Current-Switching, bp = 0.

5. The different obtained bp values are accumulated separately for each transistor.
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6. With the power transistor channels widths and the corresponding bp factors, the
optimum driver is designed for any transistor and its energy losses are evaluated.

7. All the different switching losses are added and multiplied by the switching fre-
quency (f;).

8. The resulting switching power losses are added to the previously calculated con-
duction losses and reintroduced to the optimization algorithm.

9. The optimization algorithm recursively proposes (Wp, Wy) pairs, until the
power losses minimization is ended.

Several solutions can be applied as optimization algorithm. In the following some
of them are discussed.

e The most obvious way to determine the transistors channels widths that minimize
the lost energy, is to explore the whole design space. Despite it assures the design
optimization, it becomes very computing-intensive because of the large span and
resolution of variables.

e Geometric programming is an analytical optimization method for non-linear sys-
tems [38]. It is based on the system description in terms of monomials and posyn-
omials, usually obtained by means of data fitting. Although it has been success-
fully applied in the field of electronic circuits optimization, it has not been applied
in this case because it was difficult to model all the several interrelationships
between the loss terms.

e Some numerical methods can be applied to function minimization, specially in
case of non-linear systems. However, many of them rely the search algorithm on
the error and its derivatives. The main disadvantage of most of them is that in
case of a function having multiple relative minimums, they may lock on one of
them without assuring that it is the absolute minimum.

e Genetic algorithms is an special kind of numerical method for function mini-
mization. In this case, several input vectors (Wp, Wy) are randomly scattered
throughout the design space and the results are appropriately processed to gen-
erate another generation of input vectors. This way, the genetic algorithms try to
find the target function absolute minimum, in spite of finding some local mini-
mums in the way. Hence, this has been the optimization method used to obtain the
optimized designs of the power MOSFETs (and their associated drivers), trying
to minimize the power losses.

In the following, a design example of the power MOSFETs of a determined buck
converter is presented. The considered buck converter presents the following char-
acteristics: Vpyy = 3.6V, V, = 1V, [, = 100mA, L = 50nH, C, = 30nF,
fs = 50 MHz; which results in DCM operation.

In Fig. 3.63 the evolution of the total power losses (related to the power MOS-
FETs and their drivers) is shown as a function of power transistors channel width
(Wp, Wy). In this case, a coarse sweep of both variables was shown to better
show the evolution of the resulting surface. However, all the obtained results by
the genetic algorithm (used to find the optimum design) are depicted as scattered
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Fig. 3.63 Total power losses related to transistors design, as a function of Wy and Wp. Both
results from a complete design space sweep as well as from the genetic algorithm application, are
depicted. The optimum design is marked with a white cross

black points throughout the design space, rather concentrating around the minimum
point. The optimum design is marked by means of a white cross.

It is observed that, in this case, the target function (this is, the power losses)
presents a single minimum, thus other optimization procedures rather than genetic
algorithms might be used. Nevertheless, in other cases this situation could not be as
clear.

The optimized design results in Wp = 3,092 um and Wy = 2,913 um power
transistors, and their corresponding drivers present the 7.59 and 7.48 as tapering
factors, respectively. The overall losses are 37.1 mW.

Figure 3.64 exposes detailed information about the power losses distribution,
corresponding to the optimized design.

It is observed that power losses corresponding to PMOS and NMOS are some-
what equalized, as well as the balance between the overall switching losses
(22.1 mW) and the conduction losses (15 mW). It is interesting to note that this
losses distribution matches the trend shown by the results from Fig. 2.24a, where
the major source of switching losses were the drivers.

To summarize, in this section, a method to model the switching losses of the
power MOSFETSs has been presented. Somehow, two different loss mechanisms that
contribute to switching losses are exposed, that account for the loss dependencies on
the transistor channel width, the switching inductor current, the switching voltage
excursion and the switching interval duration (which is directly related to the driver
design and its output current capability). Another important feature of such model is
that for a part of the switching losses evaluation, it is not required to know the gate



3.4 Power MOSFET Losses Model 119

Power (mW)
S Driver P 8,14
% Egur P 2,93
@ Driver N 7,7
3 Eawr N 1,72
5 Equc (P&N) 1,65
H Cond P 6,2
o Cond N 8,7

Driver P
EswR P
Driver N
EswR N
Cond P
Cond N

EswC (P&N)

Fig. 3.64 Details of the losses distribution, corresponding the optimized design of the power MOS-
FETs and their associated drivers

terminal parasitic resistor, whose value is difficult to predict in case of a standard
CMOS implementation, because its dependence on the final layout design.

Additionally, the loss model is suitable for the concurrent design of all the
power transistors and their associated drivers. No especial simulations to measure
the switching losses of the power MOSFETs (and contrast them against the model
results) have been carried out, because it is difficult to separate them from the con-
duction power losses.

It is not an analytical model (which would be the ideal situation), but it relies on
the results of several simple simulations. As a result, an analytical design optimiza-
tion is precluded and, inevitably, numerical methods have been used to minimize the
resulting power losses. In this context, genetic algorithms are proposed to optimize
the transistor design, as they offer a greater chance to find the global minimum of
the target function, and a good trade-off between the computing time consumption
and the results accuracy.






Chapter 4
Buck Converter Design Space Exploration
with Detailed Component Models

Abstract This chapter covers the review of the Buck converter design space explo-
ration, already presented in Chap. 2. However, in this case, the detailed models
presented in Chap. 3 are used to model all the converter components, taking into
account their microelectronic implementation by means of a standard CMOS pro-
cess. The results of such exploration yield and optimized design of the Buck con-
verter in terms of power efficiency and occupied area, and all the details correspond-
ing to each component design are provided. Finally, important conclusions on the
feasibility of the microelectronic implementation of a Buck converter are discussed
from the results.

The design space exploration has been run using the technical parameters from the
0.25 pm mixed-signal process from UMC. The values of all these parameters are
gathered in Table 4.1, classified by the component design in which they are used. As
previously explained, most of the data is obtained from simulation sweeps, specially
as power MOSFETs and drivers design regards.

In case of the inductor design, the skin-effect due to high frequency operation
has been included [26]. This results in a reduction of the effective cross section
of the bonding wire which, in turn, produces an increase of the equivalent series
resistance. Expression (4.2) is used to compute the bonding-wire resistivity (¢) (by
means of the skin-depth §), including the cross-section reduction as a function of the
switching frequency (to be more accurate, the spectral composition of the inductor
current waveform should be considered; here, just a coarse approach is used by
considering a single tone at the switching frequency).

/ 1
6= |———— 4.1
7T fs0 pofhr @D

1
$= onrs -8 4.2)

Figures 4.1 and 4.2 show the results of the global design space exploration,
regarding power efficiency. As in Chap. 2, several frames are presented correspond-
ing to different switching frequency values ( f;), and power efficiency surfaces are

G. Villar Piqué, E. Alarcén, CMOS Integrated Switching Power Converters, 121
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Table 4.1 Design parameters and technical information used in the Buck converter design space
exploration (UMC 0.25 pm mixed-signal process)

Application parameters

Battery voltage (Vpar) 3.6V

Output voltage (V,) 1V

Output current (/,) 100 mA
Maximum output voltage ripple (AV,) 50mV
Inductor design

r 12.5 pm P 50 pm

o 41 x 10°S/m Rpp 13me2
Mr_conductor 0.99996 120] 4w x 1077 H/I’Il
Wr_media 1 L tolerance 3%

VLA 1 YLR 10

Output capacitor design (core transistors)

Vs v Cox 6.27 fF/pum?
U 376 cm?/(sV) Vierm 25mV

o 1/12 y 12

a 0.8 um b 0.8 um
Rp()l_v 25Q RMETI 53 mQ
RMET2 53 mQ RMETS 53 mQ

Scont 1/0.72 cont./pm Svial 1/0.76 Vial /pum
Bvia2 1/0.76 Via2 /pm Reont 5Q/cont.
Ryial 3.5Q/vial Ryia2 3.5Q/via2
Vrn 0.17V

Power MOSFETS and drivers design (IO transistors)

Lin 0.35 um Wonin 0.3 wm
Cpap 1pF td_max 1.5ns

tai Table tdel Table

tfri Table tfrel Table

Qi Table Qel Table

depicted as a function of the inductor and output capacitor values. For any shown
frame, gray scale has been used to clarify the surface evolution (the higher the
power efficiency, the darker the area), and white zones have been used to mark
those designs that produce an output voltage ripple (A V,) higher than the maximum
allowed by the considered load (50 mV). Additionally, a black dot has been used to
mark the design that would produce the higher power efficiency, and black dia-
monds are used to mark those designs that yield CCM operation. Data on the upper
right corner are the design coordinates (L, C,, f) of the maximum power efficiency
design, and occupied area, power efficiency and output ripple corresponding to this
design configuration, are noted on the upper left corner. Frames corresponding to
lower switching frequency values are not shown since they result in even higher
output ripple values, thereby not accomplishing the maximum output ripple con-
straint.

It is observed that the power efficiency is an increasing function of the inductor
value, since an inductance increase reduces the RMS value of the inductor cur-
rent (and, in turn, of the power MOSFETs current). Only when it produces CCM
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Fig. 4.1 Power efficiency design space exploration results. a f; = 19.31 MHz, b f; = 22.76 MHz,
¢ fy =26.83MHz, d f;, = 31.62MHz, e f; = 37.28 MHz, f f; = 43.94 MHz

operation, an inductance increase results in a lower power efficiency (for the same
switching frequency, i.e. the same frame) because in that operating mode transistor
switching conditions become more lossy. Related to this, it is interesting to note that,
when both operating modes exist, the maximum power efficiency is obtained near
the border between them, but always in the DCM zone. This is because it represents
a very good trade-off between a low current ripple (directly related to its RMS value)
and proper switching conditions, due to the DCM operation.
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Fig. 4.2 Power efficiency design space exploration results. a f; = 51.79 MHz, b f; = 61.05 MHz,
¢ fy =71.97MHz, d f; = 84.83MHz, e f; = 100 MHz

As observed in Chap. 2, power efficiency is almost independent of the output
capacitor value, and just a variation of its ESR or the particular design of the power
MOSFETsS and drivers generates an slight change in the power efficiency.

Additionally, power efficiency presents a maximum value as a function of f
(corresponding to Fig. 4.2a), as the result of the balance of conduction and switching
losses, that present opposed trends as a function of the switching frequency.

The occupied area results from the design space exploration are presented in
Figs. 4.3 and 4.4 (criteria similar to the power efficiency representation were used).
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Fig. 4.3 Total occupied area design space exploration results. a f; = 19.31MHz, b f; =
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Regarding area occupancy considerations, it must be taken into account the bonding-
wire implementation of the inductor herein proposed, that allows to place the output
capacitor as well as the power MOSFETSs and their drivers below its floating struc-
ture. Thus, the total occupied area is computed as the maximum of the inductor area
or the total amount of capacitor, power MOSFETs and drivers area.

Agoral = max[Ap(Ac, + Apmos + Anmos + Apdriver + AnNdriver)] 4.3)
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Fig. 4.4 Total occupied area design space exploration results. a f; = 51.79MHz, b f; =
61.05MHz, ¢ f; =71.97MHz, d f; = 84.83MHz, e f; = 100 MHz

It is observed that the total occupied area becomes almost independent of the
switching frequency (since power MOSFETSs and drivers area is insignificant in
front of the energy-storage components area). It becomes very clear that the switch-
ing frequency increase mainly results in a greater expansion of the possible designs
area, since the output voltage ripple is reduced.

As a result of expression (4.3), total occupied area is dominated by the output
capacitor for high capacitance values, whereas inductor area becomes dominant
for low capacitance values. In these cases, inductor area evolution is similar to a
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sawtooth shape. This is because an increase of the inductance value may be obtained
by a larger external side length (which increases the occupied area) or by a higher
number of turns. When the later case occurs, usually the external side length is
slightly reduced, resulting in a lower area occupancy.

Finally, Figs. 4.5 and 4.6 show the evolution of the defined merit figure that
allows to determine the best design trade-off between the power efficiency and the
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Fig. 4.5 Merit figure design space exploration results. a f; = 19.31 MHz, b f; = 22.76 MHz,
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Fig. 4.6 Merit figure design space exploration results. a f; = 51.79MHz, b f; = 61.05MHz,
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occupied area, just considering those designs that provide an output ripple lower
than the maximum allowed (50 mV). The merit figure definition is presented in (4.4).

(- Nmin)?
Atotal

r (4.4)
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In the merit figure definition, the minimum power efficiency value obtained from
the whole design space exploration is substracted from any single power efficiency
value obtained for any considered design. This way, the narrow power efficiency
span is relatively maximized in front of the total area span (which is much larger).
Additionally, to provide a higher relative impact to the power efficiency, this differ-
ence is squared. In this case, to simplify the comparison, the resulting I" value is
presented for any frame. Please note that for the sake of a better view, in the merit
figure representation, plot axis have been rotated 180° respect to the previously
presented figures corresponding to power efficiency and occupied area.

The maximum merit figure value corresponds to the frame of Fig. 4.6¢c. Since
power efficiency maximization has been given more priority than occupied area
minimization, the maximum merit figure is obtained for a high inductor value. As
exposed previously, the converter is DCM operated to minimize power losses. The
main effect of the area consideration is that the selected design does not correspond
to the maximum power efficiency point, but it is close so as to minimize the total
occupied area at the expenses of an slight decrease of the power efficiency (effi-
ciency is decreased by 1.36%, whereas area is reduced by 24.17%).

Additionally, it is observed that for all frames (i.e. all f; values), the optimum
design is found on the edge of the ‘forgiven’ zone, since the lowest possible values
for inductor and capacitor are desired in order to minimize the area occupancy.

Figure 4.7 depicts the evolution of the maximum merit figure value as a function
of the switching frequency. This information could be very interesting in the design
selection step if further secondary considerations should taken into account, such as
the implementation feasibility of the converter control loop. This is, in some cases
a very small increase might appear in the maximum merit figure value, for a large
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Fig. 4.7 Merit figure evolution as a function of the switching frequency
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Table 4.2 Buck converter optimized design main characteristics

Inductor (L) 38.6nH
Output capacitor (Cy) 9.7nF
Switching frequency ( f5) 71.97 MHz
On-state duration (7,,) 3.39ns
Off-state duration (7o) 8.8ns
Inactivity-state duration (7;) 1.71ns
Operating mode DCM
Maximum inductor current (/7 max) 228 mA
Total power losses (Plygses) 63.9mW
Power efficiency (1) 61.02%
Total occupied area (A;pq1) 2.29 mm?
Output voltage ripple (AV,) 45.5mV

increase of the switching frequency, hence resulting in a much more difficult control
circuitry implementation (for an small increase of the converter properties).

Tables 4.2, 4.3, 4.4 and 4.5 summarize all the relevant information about the
optimized power converter design.

Additionally, Figs. 4.8 and 4.9 show the power losses breakdown and area distri-
bution of the selected design.

As observed, some kind of balance between switching losses and conduction
losses is found. Specially interesting is the fact that the power transistors optimiza-
tion lead to a NMOS switch larger than the PMOS switch, resulting in a large differ-
ence between their on-resistance (which may seem unconventional). The reason for
that is that the RMS value of the current flowing through the NMOS is much greater
than the flowing through the PMOS. Consequently, the overall power losses result-
ing from any transistor (and their associated drivers) become balanced: excluding
the capacitive switching losses (that are consequence of both transistors designs),

Table 4.3 Inductor optimized design characteristics

Inductor design

Number of turns (n7) 4
External side length (s¢x) 2.3 mm
Occupied area (Ay) 2.29 mm?
ESR (R}) 1.473Q
RMS current (I7) 123.3mA
Power losses (Pr_cond) 22.4mW

Table 4.4 Output capacitor optimized design characteristics

Output capacitor design

Number of cells (n) 6,068
Single cells channel length (L) 2.39 pm
Single cells channel width (W) 106.21 pm
Occupied area (Ac,) 2.07 mm?
ESR (Rc,) 19.2 mQ
RMS current (Ic,) 23.3mA
Power losses (Pc,) 10.4 pW
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Table 4.5 Buck converter power switches optimized design characteristics

PMOS and P-driver design

MOSFET channel width (Wyoyer_m0s)
On-resistance (R,;)

RMS current (Ipp0s)

Conduction losses ( Peona)

Resistive switching losses

Driver number of inverters (n)

Driver tapering factor ( f)

Minimum inverter PMOS channel width (W},)
Driver propagation delay (¢7)

Driver output fall-rise time (#5)

Driver power losses (Pgyiver)

NMOS and N-driver design

MOSFET channel width (W,oyer_m0s)
On-resistance (R,;)

RMS current (Ippr0s)

Conduction losses ( Peona)

Resistive switching losses

Driver number of inverters (n)

Driver tapering factor ( f)

Minimum inverter PMOS channel width (W},)
Driver propagation delay (¢;)

Driver output fall-rise time ()

Driver power losses (Pgyiver)

PMOS and NMOS

Capacitive switching losses

Total switching power losses (Py,,)
Total conduction power losses
Total power losses

Total occupied area

2,435.9 pm
1.78 Q
65 mA
7.5mW
4mW

4

6.13
1.43pum
0.99 ns
477 ps
8.1 mW

2,934.6 um
0.74 Q
104.8 mA
8.1 mW
2.1 mW
4

6.4
1.45pm
1.05ns
501 ps
9.6 mW

2.1 mW
25.9mW
15.6 mW
41.5mW
0.008 mm?

NMOS conduction (8.1mW)

PMOS conduction (7.5mW)

'y
Capacitor (10.4uW)

Switching
losses

Inductor (22.4mW
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Fig. 4.8 Power losses distribution of the selected Buck converter design
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Fig. 4.9 Occupied area distribution of the selected Buck converter design

the total power losses related to the PMOS and NMOS power switches are 19.6 and
19.8 mW, respectively.

Since transistors RMS current values are dependent on the output current and the
input-to-output voltage ratio, it must be taken into account that the design is only
optimized for the considered application, and it could result in poorer efficiency
under other operating conditions. Therefore, in case of attempting to implement
a converter to provide different output voltage values, the design space exploration
should be carried out for each different output voltage and then, the global efficiency
should be evaluated to select the appropriate design.

However, it is still noted that the major source for power losses are the inductor
conduction losses. Hence, an improvement on the inductor design would be required
to reduce its ESR by reducing the conductor resistivity or using another inductor
topology.

As occupied area regards, it is dominated by the inductor area, although some
kind of balance between both terms of expression (4.3), which is natural since all
not occupied area below the inductor would be lost. In fact, it is foreseen that in
case of a more fine design space exploration, inductor area would be the same as the
area occupied by the output capacitor plus the power switches and drivers. Again,
the energy storage components account for almost the total area.

As a final comment of the results drawn for the refined design space exploration
carried out in this chapter, it can be stated that although being optimized through
the design space exploration, the obtained results appear somewhat disappointing
because of the obtained poor power efficiency for a circuit that, theoretically, should
provide a 100% power efficiency, despite still being better than that provided by a
linear voltage converter (for the same application parameters). Moreover, the max-
imum obtained power efficiency (corresponding to the design of Fig. 4.2a), is still
considered too low for an efficient voltage converter.

Inevitably, as exposed in the design procedure proposed in Sect. 2.1, because
of this unsatisfactory performance factors results, an alternative converter topology
should be considered to implement the desired functionality with improved perfor-
mance as regards power efficiency.



Chapter 5
3-Level Buck Converter Analysis and Specific
Components Models

Abstract From the results of the Buck converter design space exploration, the
implementation of a different converter topology is proposed in this chapter. Hav-
ing discussed some of the required characteristics to reduce the power losses, and
consequently increase the converter power efficiency, the 3-level Buck converter
presented by Meynard and Foch in 1992 (Power Electronics Specialists conference,
1992. PESC’92 Record, 23rd Annual IEEE, Toledo), is selected. Then, the analysis
of the converter operation is presented since it is required for its microelectronic
implementation and the low power operation. To develope that, the converter oper-
ation analysis is subdivided as a function of the output voltage (V, < Vp4/2), and
the operating mode (CCM or DCM). From this analysis, the main characteristics
are compared with those from the classical Buck converter. After that, a self-driving
scheme to supply the power drivers and make possible the use of shorter channel
transistors (core transistors), is proposed. Finally, detailed additional component
models required to carry out the corresponding design space exploration are pro-
vided, as well as some design considerations.

5.1 Motivation

The analysis of the design space exploration results obtained for the Buck converter,
specially in terms of power efficiency, lead to the pursuit of an improved converter
topology able to yield better efficiency results, for the same target application.

In order to find it, the most important loss mechanisms must be identified to
attempt to reduce them down. From the results of Fig. 4.8, it is observed that conduc-
tion losses (specially from the inductor series resistance) become a very important
contributor to power losses. These are due to the inductor and power switches phys-
ical design (which is supposed to be optimized) and materials (which are imposed
by the chosen technological process).

In this scenario, the only way to reduce the conduction losses would be to reduce
the RMS value of the inductor current /; (which, in turn, is a significative indica-
tor of the RMS value of the current flowing through each of the power switches,
too). Reminding expressions (2.17) from Chap. 2, it is observed that it depends
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on the application parameters (1,, V,, Vpq, that are inevitably determined by the
considered application), and two of the design variables ( f; and L, which are sup-
posed to be properly selected by means of the design space exploration). In conclu-
sion, it would seem that nothing could be done to reduce the /; value.

Nevertheless, the Vp,, value that appears on those expressions identifies the max-
imum value of the chopped signal at the x-node, that in case of a classical Buck
converter coincides with the input (battery) voltage V4. Hence, in a strict way, the
inductor RMS current could be expressed by:

I3V, (V. -V
zz 0 o( X_max 0) — DCM (51)
9Vx7mafos
5 V2Vemax = Vo) Vi max .
I} =" 555 +t1, — CCM (5.2)
12L f:s V max

where Vy nax s the upper level of the vy voltage, which it is not required to coincide
with the input voltage (Vj,). In fact, for the step-down operation to work, it is just
needed that Vy u4x > V,. In Fig. 5.1, the RMS value of the inductor current (/1) as
a function of the V 4, voltage is depicted. As observed, the minimum limit is the
output voltage because some positive difference between Vy ., and V,, is required
for the inductor current to flow towards the converter output.

0.125
012}
CCM
<—
0.115¢
~ DCM
< —_—>
=
0.11
0.105
0.1 ‘ ‘ ‘ ‘ ‘
1 15 2 2.5 3 3.5 4
xmax (V)

Fig. 5.1 Inductor current RMS evolution as a function of the upper level of the v, voltage, for
a classical Buck converter. Used parameters: V, = 1V, [, = 100mA, f; = 72MHz and L =
38.6nH
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The minimum /7 value coincides with the output current (in the example,
I, = 100 mA), which implies that the inductor almost does not present any ripple
despite the switching cycle duration, since the voltage difference across the inductor
is almost zero. Thus, I is an increasing function of V, ;4.

Therefore, a possible way to reduce the conduction losses could be a converter
topology that reduces the Vi 4y value close to V,. This reflexion suggests the use
of some kind of multilevel step-down converter.

From all the possible multilevel converter topologies, the one developed by
Meynard and Foch in 1992 [111] has been selected, whose schematic is depicted
in Fig. 5.2.

d, ds
P v P v iy Ve
oL SN
+ X - VCx
Vbat C) ve Co
e ]
A\

Fig. 5.2 Ideal scheme of the 3-level Buck converter

The Meynard switching cell was firstly developed for High-Voltage Power Con-
version applications (specially voltage inverters), where the large voltage drop that
must be blocked by the power switches during their off-state is a serious reliability
issue. Hence, this cell presents the ability to reduce the voltage across the semi-
conductors in such situations, by means of the use of a capacitor which provides
half of the input voltage, due to natural energy balance. Additionally, it yields a
reduction of the harmonic spectrum of the circuit signals that it is interesting for
some applications. The circuit operation is based on applying 2 different switching
signals (d and d3, in the scheme) with the same duty cycle, whose phases have been
shifted half the switching period.

As it will be shown afterwards, such operation results in the possibility to get 3
different levels at the switching x-node: V4, 0 and V4 /2, in a first order approach.
Because of this, in this work, it will be called as the 3-level Buck converter from
now on, to distinguish it from the classical Buck converter. Further details on this
converter operation can be found in the literature.

However, this topology has been more rarely used as a low-voltage regulator,
and even more rare is its use in low power applications, where the DCM opera-
tion could not only appear, but become the main operating mode. As a result, in
this chapter, the DCM operation will be analyzed in detail, as well as the CCM
operation. Furthermore, the possibility to use a low C, value (as imposed in an IC
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implementation), and the consequent pseudo-resonant behavior, will also be
included in the analysis.

Other benefits that are really appreciated when focusing the integration of switch-
ing power converters are listed in the following:

e Asit will be demonstrated, lower output voltage ripple results from this converter
operation, for the same values of switching frequency, inductance and output
capacitance. Thus, a greater area of possible designs is expected in the design
space exploration.

e The presence of lower voltage levels throughout the circuit allows the use of
shorter-channel transistors (that usually present a lower breakdown voltage),
which reduces their on-resistance as well as their parasitic capacitances (related
to switching losses).

e Because of the narrower voltage excursions, lower capacitive switching losses
could result.

e The lower difference between Vy 4 and V, results in lower slopes from the
inductor current waveform. This could produce a relatively lower /1 4, value,
that generates lower resistive switching losses.

e Both previous characteristics also reduce the power switches electrical stress,
thereby increasing the system reliability.

However, some disadvantages should also be taken into account:

e First of all, the presence of an additional capacitor (Cy, in Fig. 5.2) increases the
occupied area, as well as the conduction losses (due to its series resistance).

e Along any complete switching cycle, 4 power transistors (with their correspond-
ing drivers) switch their state. Thus, an increase of switching losses could result.

e In any of the converter states, 2 power transistors are series connected, which
would increase conduction losses due to the higher total on-resistance.

e The required switching and control schemes become more complex due to the
four power switches to be controlled.

After considering all the previous advantages and disadvantages, a clear conclu-
sion on the benefits of the use of the Meynard 3-level converter can not be found.
As a result of this, in the following sections a detailed analysis and comparison
with the Buck converter is exposed to obtain a suitable model that fits the design
space exploration structure, to evaluate all the required performance factors, and
eventually obtain the optimized design.

5.2 Ideal Analysis

First of all, all four different states of the circuit will be presented as well as the
corresponding switching sequence. Then, a detailed analysis will be carried out to
obtain significant waveforms and characteristics such as output ripple and inductor
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current RMS value. From the analysis results, a comparison between the 3-level and
the classic Buck converter will be presented.

5.2.1 Basic Operation

The following analysis is based on the ideal circuit scheme shown in Fig. 5.2. From
that circuit, four different basic configurations are derived from the combined value
of di and d3 switching signals. If switches are considered closed when their corre-
sponding switching signals are high, the main configurations and associated signal
combinations are obtained, as summarized in Fig. 5.3.

T,>d,=1&d,=0 T,>d=08&d,=0
Vo L [ -0 L [
el I Ye o =4 Yo
e —  —
Vpat ’ C, - +1 Vg ﬂ— c, |/ I
» -, Viat - —_c
- o
T, > d,=0&d,=1 T, >d,=18&d;=1
Vi =Vox
N
Vbat VCx -

Fig. 5.3 4 main states of the 3-level Buck converter

Additionally, in order to clarify the circuit configurations, inductor current has
been depicted as well as its sense, which is supposed not to reverse in any case; and
the resulting voltage value at the x-node is marked in gray boxes.

Since both switching signals (d1, d3) present the same duty cycle (D; = D3) and
are applied with a 180° phase, in the following, the resulting switching sequences
for duty cycles lower and higher than 50% are described.

In case of a duty cycle value lower than 50% the resulting switching sequence is
T\ - T» — T3 — T>», as it is observed in Fig 5.4.

When duty cycle is higher than 50%, the circuit functionality becomes as
depicted in Fig. 5.5, being the switching sequence 7y — T1 — Ty — T3.

As a first approach, v, voltage is considered to remain constant along 77 and 73
states, provided that C, capacitor is large enough. Additionally, vy at these states
(Vbar — vc, and vc,, respectively) is expected to be Vj,,/2 because of the circuit
natural balance through 7 and 73 states.
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As a function of the C, capacitor, the inductor value and the output current, two
different operating modes are possible for the 3-level Buck converter: continuous
conduction mode (CCM), and discontinuous conduction mode (DCM). Hence, since
two different switching sequences are possible as a function of the switching signals
duty cycle, four different situations should be analyzed.

A significant improvement over the classical model of the 3-level Buck converter
is the inclusion of the effect of a small C, capacitor (in order to make more feasi-
ble its microelectronic implementation) which results in some resonant behavior
between this capacitor and the inductor that should be taken into account in the
evaluation of significant circuit parameters, such as the output voltage ripple.

In this case, parasitic series resistances from any of the components have not
been considered to avoid complexity in the analytical treatment of the resulting
expressions.

Provided that self-balancing of the C, capacitor voltage exists from 77 and 73
states, only expressions from the first semi-period of the switching sequence are
necessary to get the desired functional parameters, since v, voltage and i; current
will present the same waveforms in both semi-periods (the only difference is that
during T, C, capacitor is charged while it is discharged along 73).
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5.2.2 3-Level Buck Converter Analytical Expressions

5.2.2.1 DCM Operation and Dy < 0.5

During the T state, the inductor and the C, capacitor are series-connected, result-
ing in an increase of the inductor current (iy) from O, because of the DCM
operation.

In this case, the voltage across the inductor is Vs —ve, — Vo, being Vj the initial
value of vc, . Thus, the i;, expression corresponding to the 7 state is:

Cy .
iL(0) = (Vo = Vo = V)| =" sin < &) (5.3)

And the charge stored in the C, capacitor at the end of the 77 state is:

01 = (Vpar — Vo — Vo) Cx |:1 Ccos <—«/L_Cx)i| 5.4)

To keep the energy balance through the whole switching period, the total energy
supplied by the battery must be equal to the total energy supplied to the output load,
since no energy losses are considered.

Vbath = VoI, T; (5.5)
Vol,

T
Viat(Vpar — Vo — Vo) Cix |:1 — COs (\/Tl—cx>i| = 7 5.6)

And from the previous expression, the necessary 77 state duration can be found
in order to keep the total energy balance:

Vv,
T; = /LC, arccos <1 o0 ) (5.7

- fS(Vbal - Vo= VO) Vbatcx

The initial condition for the C, capacitor voltage (V) can be obtained if the vc,
voltage is supposed to vary around the V4 /2 value. The total vc, voltage change
along the 77 state (Avc,) can be found from the total stored charge (Q1).

Vbar A vC, Viar 0
V() = e

2 2 2 2C,

(5.8)

In expression (5.8), a minus sign is used since, from the expected inductor current
direction in 77, the initial capacitor charge is supposed to be less than at the end



140 5 3-Level Buck Converter Analysis and Specific Components Models

of Ty (it is considered that C, capacitor is charged along 77). And from previous
expression (5.5) a simple expression for Vy can be obtained.

V V,1
Vo= et __ToTo (5.9)
2 2Cx f? Vbat

Additionally, the expression of the inductor current at the end of 77 is given
because it is the initial condition of the inductor current in the 7, state analysis.

I, = (Vopar — V. V),/stin d (5.10)
T, — bat [ 0 L m .

During 7>, x-node is directly connected to ground (v, = 0) producing a voltage
drop across the inductor of —V,. Thus, inductor current will decrease until 0, as
expressed in (5.11).

v,
in(t) = Iy, — for (5.11)

And the T, phase duration is:

Ir,L
Th=—— 5.12
2 v, (5.12)

As regards the output voltage ripple, two different cases are possible, depending
on whether the /7, value is higher or not than the output current, as exposed in
Fig. 5.6.

In the first case (17, > I,,), the output voltage ripple is obtained from the follow-
ing expressions:

1, L
T{,, = v/ LCy arcsin (—0 —) (5.13)

Voar — Vo — Vo || Cx

7, — 1)L
Ty = o= 5.14
2 v, (5.14)
V. 2
O =1InT) — _2Z ) (5.15)

— _ _ Tl/m _ T
04 = Vg — Vo — Vo)Cx <cos(m) cos(m>> (5.16)

O0a+0p— 1L, (T;+T1 —T/,)

AV, =
o C,

(5.17)

For the second case, the following expressions are used to evaluate the output
voltage ripple:
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Fig. 5.6 Output capacitor charge evaluation depending on the relationship between I7, and I,:

alr, > I,andb I, < I,

/ —
Tlm -

AV, =

/ p—
TlM -

Voar — Vo — Vo || Cx

. Io L
vLCyarcsin| ——mM8M8M8 [ —
LCym —TY,

T/ /
04 = Vpar — Vo — Vn)Cx <cos( Lm ) — cos( 1M

VLCy

Qa — 1o (T{y ~ T},)

Co

(5.18)

(5.19)

(5.20)

(5.21)
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Fig. 5.7 Representative waveforms corresponding to a DCM operated 3-level Buck converter, in
case of a duty cycle lower than 50%

In Fig. 5.7 the most significant waveforms corresponding to a DCM operated
3-level Buck converter are depicted for the case of D; < 0.5: inductor current
(ir), output voltage (v,), Cy capacitor voltage (vc,) and x-node voltage (vy). The
converter parameters used in this MATLAB simulation are: Vj; =3.6V,V, =1V,
I, = 100mA, L =35nH, C, = 30nF, C, = I nF and f; = 25 MHz.

In the figure, 7; is used to identify those inactivity states for which no current
flows through the inductor.

Due to the low C, value, it is observed some resonant behavior in the inductor
current, as well as important voltage swing on vc, around the Vp,;/2 = 1.8 V value.

In order to evaluate the RMS value of the current that flows through each of
the components (required to compute their corresponding conduction losses), the
inductor current waveform is split into different parts corresponding to each of the
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Fig. 5.8 Inductor current waveform division to evaluate the RMS value of the current flowing
through the different circuit components

different converter states. This division can be observed in Fig. 5.8. Then, the RMS
value of those sub-waveforms is calculated assuming they are the only current wave-
forms along the whole switching cycle.

Therefore, the RMS value of the inductor current corresponding to the 77 state is
first computed.

Irr\RMs =
/fs [ S Vo = Vo = Vo2 (11 = VICisin (k) cos (1)) |

Since the current waveform along 73 is exactly the same as during 71, Ir7,rMs =
I17,rRMus- And the current RMS value along 7> is:

(5.22)

(5.23)

V2T I VT
_ 2 ofy IniVels
Iirorms = | fs [ITl L+ =0 3

Then, the RMS value of the current through each component is straightforwardly
evaluated.

2 2 2
Iy =2 (ILTIRMS + ILTZRMS) (5.24)
2 2
Ip, = Iir rus (5.25)

2 2
Ip, = Iir RS (5.26)
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2 2 2
Iy, =217, jus + i1 RMs (5.27)

2 2 2
In, =217, jus + 1ir rRMs (5.28)
ng = 21L2T1RMS (5.29)

As it will be justified later in this chapter, this computation method (by means of
the inductor current waveform subdivision) becomes very useful when evaluating
the power MOSFETSs conduction losses for the 3-level Buck converter.

5.2.2.2 CCM Operation and Dy < 0.5

In this case, during 77 state the inductor current rises from Iy while it charges the
C, capacitor, and the voltage across the inductor is initially Vp,, — V, — Vp. The
expression corresponding to the evolution of i;, along T state is as follows:

ir(t) = Vpar — Vo — Vo)4/ % sin (%) + Iy cos (%) (5.30)

And the corresponding inductor current value at the end of 77 is:

I, = (Vo — V., V),/stin( d )+Icos( T ) (5.31)
T — bat 0 0 2 m 0 \/L_Cx .

The inductor current expression during 7> state is:

V.
in(t) =Ir, — =2t (5.32)
L
Its integration along the 7> state duration provides the charge stored in C during
this state:

T2
Vo Vo .2
0 = A I, — ft dt = In,Tr — ZTZ (5.33)

To obtain the values of 77, Ip and Vj, 3 different equations are to be solved (by
means of numerical methods, since no analytical solutions could be found).

1. The first condition to be accomplished is that the current increments along 77
and T, should be the same:

0= (Vour—V, V),/Cx sin( N )+1 |:cos< d ) 1} Yo ( : T)
= Vbar o 0 I ,—LCX 0 ,—Tl I 2]% 1
(5.34)
where the equivalence T, = # — T was used.
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2. The second condition is that the average value of the inductor current must be
equal to the output current /,.

01+ _ _
I, = T n 0=2£(01+ Q2 — I, (5.35)

— — - - Tl
0= 2f§‘ |:(Vbat Vo VO)CX [1 cos (A/ch>j| *

2
+1oy/LC, sm(\/_) + Iy (%-1) Yo (2; T1> } (5.36)

3. And the third condition is that the initial C, capacitor voltage (V) must be equal
Avc,
—=*.

Voar _
to Y

Vo + (Voar — V)c%(ﬁ%)—lo\/»sm@%)

Ty
1 + cos (JLT)

0=

-W (5.37)

As regards the output voltage ripple, its calculation is carried out with the same
expressions as in (5.13), (5.14), (5.15), (5.16), (5.17), (5.18), (5.19), (5.20), (5.21),
but in the CCM operation case the T}, value is obtained from the resolution of
(5.38)

T/
0= (Voar — Vo — Vo)y/ — sm( ) + Iy cos (\/L%) -1, (5.38)

Figure 5.9 shows the most significant waveforms corresponding to a CCM oper-
ated 3-level Buck converter for the case of D; < 0.5: inductor current (iz ), out-
put voltage (v,), C, capacitor voltage (vc,) and x-node voltage (v,). The con-
verter parameters used in this MATLAB simulation: Vp,, = 3.6V, V, = 1V,
I, =200mA, L =35nH, C, = 30nF, Cy = 3nF and f; = 25 MHz.

To compute the RMS value of the current through each of the converter compo-
nents, a method similar to the DCM operation counterpart has been used.

The RMS value of i; (¢) due to the T state (which coincides with the one result-
ing from 73 state) is expressed as follows:

C
ILTIRMs=[fs[ [(vbm vo—vo)2f+1§]+

= 2o (Gze) o (=)
15— (Vpar — Vo — Vo))" —
+ > o — (Vbar — 0) nmcosm+

1/2
+10Cx (Vs — Vo — Vo) (1 — cos® (J?T))H (5.39)
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Fig. 5.9 Representative waveforms corresponding to a CCM operated 3-level Buck converter, in
case of a duty cycle lower than 50%

And the expression corresponding to the 75 state is:

V2T I V,T;
3L2 L

It rms = | fs 1%1 T+ (5.40)

Then, the RMS current value for each of the components is directly computed,
and, as expected, coincides with the expressions found for the DCM case.

2 2 2
I; =2 (ILTlRMS + ILT2RMS> (5.41)

2 2
Ip, = i1 RMS (5.42)
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1%, = 17, rus (5.43)
11%/1 = 212T2RMS + IzrlRMs (5.44)
11%72 = 2IL2T2RMS + II%T]RMS (5.45)
18, = 2117 g (5.46)

5.2.2.3 DCM Operation and D > 0.5

When the output voltage is higher than Vj,:/2 (D1 > 0.5), the first state consid-
ered in a switching cycle is 74, which is followed by 77, in the first half of the
period. In the second semiperiod, 74 is followed by 73, resulting in the same voltage
and current waveforms with the exception that C, capacitor is charged during 7}
and discharged during 73. Therefore, in the following analysis, only the 7y — T
switching sequence is taken into account and is considered to be repeated, with the
aforementioned exception.
In DCM operation the inductor current expression along 7y is:

Voar — V.,
in(t) = %z (5.47)

Which results in a charge supplied by the input voltage source of:

Vit — V.
Q4 = %Tf (5.48)

And the inductor current value at the end of T4:

Viar — V.,
Iy, = %n (5.49)

The inductor current during 77 state is expressed by (5.50)

i) = Vpar — Vo — VO),/ ( Jic ) + I, cos (J%T) (5.50)

In DCM operation, the duration of 7 state is determined by the time for which
the inductor current reaches 0, starting from I7,. Hence, the T value is obtained
from expression (5.50).

—1I L
T = /LC, arctan (—T4 —) (5.51)

Voar — Vo — Vo || Cx

And the charge stored in the C, capacitor throughout 77 is:
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T . T
\/L_Cx>i| + IT4\/ LCX s (ﬁ) (552)

In order to obtain the values of T4 and Vj, 2 non-linear equations must be solved
(by means of numerical methods), which arise from 2 different conditions that must
be accomplished.

01 = Vet — Vo — V)Cyx [1 — oS <

1. The first condition is that the input energy to the converter along a switching
period should be equal the output energy in the same time, provided that no
energy losses are considered in these analysis.

Vbat(2Q4 + Ql) = VoIOTS (553)
V,1 Vipar — V.
_ ofo |- bat o T42 (554)
Vbatfr L

2. The second condition is that the vc, voltage balance along a complete switching
period must be zero.

v Vo + (Vpar — Vo) cos (J%C}) - IT“\/gSin (\/?T) (5.55)

T
1+ cos ( Tcx)

From the chronogram of Fig. 5.5, the relationship between the D; duty cycle and
the Ty state duration is found in expression (5.56).

1
Dy =Tsfs + 3 (5.56)

As for D1 < 0.5, two different situations appear regarding the output voltage
ripple calculation, as a function of the relationship between the output current (/,),
and the inductor current at the end of 74 (Ir,). In Fig. 5.10, both situations are
depicted.

To compute the output voltage ripple in case of I, > I,, expressions from (5.57),
(5.58), (5.59), and (5.60) are required.

I,L

/
e T (5.57)
04 = % <T42 _ T4’2) (5.58)
05 = (Vpar — V, — Vo) Cx [1 — cos( Tiu )] + I /Esin( Tiu )
VLC, ! VLC,
(5.59)
AV, — Oa+ 05— 1I,(T], + Tu —T)) (5.60)

Co
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If I, < I,, output ripple is computed as follows:

05 = Vipa — Vo — Vo)C [cos( Tim )—cos( T )]+
“e ' VLC, VLC,

. TI/M o TI,m )i|
+I7,+/ LCy |:s1n<m> s1n<m (5.61)

Qs — Lo (Ty — T},
Co

AV, = (5.62)
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The 7|, and T},, values are obtained from the expression (5.63). Nevertheless,
only the feasible solutions should be used for each case.

= (V V V sin + Ccos .
bat 0 0 I ,—C Ty ,—LC o

The waveforms corresponding to the inductor current, x-node voltage, C, capac-
itor voltage and output voltage of a DCM operated 3-level Buck converter when its
output is higher than half of its input voltage can be found in Fig. 5.11.

The RMS value of the current due to the 7 state (which coincides with the one
resulting from 73 state), and due to 7y are obtained.

025} |
L/ SRR R R (I
< o2} C ]
g Ty TN T, T3 Tio T4
3 015} .
S
2 otf : Lo : Lo : 1
0.05 | : s . Lo : 1
0 - L S | -
4 - 4.01 - 4.02 1 4.03 - 4.04 - 4.05 4.06
- . . T . . . 5
. : :\me (©) Co : x107
4 : f — —
Vbai . . o Vx -
3r . X 4
X Vo X
= :
o bl AT
L Ve . . X
5 Vo C >< : Dol
> ’ Tl T — 7

4 4.01 4.02 4.03 4.04 4.05 4.06
Time (s)

Fig. 5.11 Representative waveforms corresponding to a DCM operated 3-level Buck converter, in
case of a duty cycle higher than 50%
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T C
ILT]RMS = |:fs [? |:(Vbat - Vo - VO)ZTX + 172'4] +

VLCy |: 2 2Cx:| . ( T, T,
+ 12— (Vs — Viy — V)2 == i
> | (Vbar — Vo — Vo) 7| sin m) cos (m)
T 172
17, Cx (Voar — Vo — Vo) <1 — cos? ( LIC ))H (5.64)
\Y X
(Vpar — V,)2T}
Irryrms = | fs [% (5.65)

Again, the RMS value of the current flowing through each of the converter com-
ponents is obtained properly combining expressions (5.64) and (5.65).

;=2 (IL2T1RMS + IL2T4RMS) (5.66)
112’1 = IL2T|RMS + 21L2T4RMS (5.67)
11232 = IET|RMS + 21L2T4RMS (5.68)

IR, = 11, russ (5.69)
1%, = 17, Ruts (5.70)
12, = 2177 rus (5.71)

5.2.2.4 CCM Operation and Dy > 0.5

In CCM operation, the inductor current rises from [y (considered as the induc-
tor current initial condition) along the 7 state. Then, the C, capacitor is charged
throughout the 77 state. In the second half of the switching cycle (74 — T3), current
waveforms are the same, but C; is discharged during the 73 state.

Thus, inductor current expression along the 7y state, and its value at the end of
this state are:

Vit — V.
in(t) = Io + %t (5.72)

Viar — V.
In, = in(T3) = Io + =T (5.73)

Consequently, the total charge supplied by the input battery at the end of 74 is:

Vbar — V.
Q4= IgTy + 22072 (5.74)
2L
On the other hand, i (¢) expression along 77 is the same as for the case of DCM
operation, as well as the total charge stored in the C, capacitor.
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Cy . t t
ir(t) = Vpar — Vo — Vo)4/ A sin («/?C)) + I, cos (E) (5.75)

01 = Vgt — Vo, — V| T
1 (Vbar 4 0)Cx |:1 cos ( )] + IT4ﬁ leSin< 1 x)
(5.76)

T,
LCy

Once again, to obtain the initial values of the inductor current (Ip) and the C
voltage (Vp), as well as the Ty state duration, a non-linear equation system must
be solved. This requires the consideration of 3 different conditions that must be
satisfied for the circuit to properly work.

1. First, inductor current increments along the 74 and 7 states must be equal. Thus,
recalling (5.73) and the relationship 77 = ﬁ — Ty

[Cy #—th #—sz
0=1Iy— (Vpar — Vo — Vo), / —ssin | ==——— ) — Iy cos | ==—————] (5.77
0 — (Vpar o 0) I \/L_Cx T, m ( )

2. The second condition is based on the energy balance along the whole switching
cycle.

1
V,I, Viar — V. 5 — 14
0=—"2% _21,T4 — %Tf — I1,y/LCy sin (”—) —

- Vbatfs VLG,
T
~(Vpar — Vo — V0)Cyx | 1 — cos ﬁ (5.78)

3. Finally, the third condition arises from the fact that the initial value of v¢, must
be equal to Vb‘” — AU—ZC" (asin the D; < 0.5 case).

LT, . 75T
V, + (Vpar — V,) cos ( {/LT4> ITM/C% sin ( Z\f;L—Cj)
Vo (5.79)

=Ty
25 14
1 + cos ( /o )

As regards the output ripple calculation, it is similar to the DCM counterpart,
although now both values 7, and T7,, are obtained from the resolution of expres-
sion (5.80)

T/
0= (Vpar — Vo),/ < Jic. ) + I, cos (\/TT) 1, (5.80)

Then, if I, > 1, (similarly as shown in Fig. 5.10a), the total charge stored
in the output capacitor is computed and divided by C,. In fact, inductor current
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waveforms are very similar to those depicted in Fig. 5.10, but for CCM operation
initial condition being Iy instead of 0.

U, IpL

T, = 5.81
4 Vbat - Vo ( )
Voar — V,
0a = Io (Ts = T}) + 4~ (T42 - f) (5.82)
Ty Ty
= Vpar — Vo — Vo)Cy | 1 — cos + I7,+/ LC, sin
QB ( bat 0 0) x|: (m)} Ty X (m)
(5.83)
+ -1, (T, + T4+ T,
AV, = 0a Osp ac(‘ 1M 4 4) (5.84)
o
If I, < I,, then useful expressions are:
T/ T/
= (Vpar — V, — Vo)Cy | cos Im_ ) _ cos ]M)]—i-
QB ( bat 0 0) x|: (m> <\/L_Cx
TI/M T
+I7,+/LC, |sin — sin 1 5.85
& [ (JLCX) (JLCX)} 489
— 1, (1!, — T/
AV, = QB o (CIM lm) (586)
o

The waveforms corresponding to inductor current, x-node voltage, Cy capaci-
tor voltage and output voltage of a CCM operated 3-level Buck converter when its
output is higher than half of its input voltage, can be found in Fig. 5.12.

Finally, as for DCM operation, only the RMS value of the current due to 77 and
T4 states is needed.

T (o
ILT1RMS = |:fs |:? |:(Vbat —Vo— VO)ZTX + 1%4] +
S )= ()
+ 17 — (Vpa — Vo — Vo)“—| sin coS +
) T4 (bat o O) I \/L_Cx m
172
2 T
+IT4Cx(Vbat — Vo= Vo) | 1—cos \/L_Cx (5.87)
Viar — Vo)2TS  Io(Viar — Vo) T2
Iuriems = | fs |:I§T4+( i 3L20) L me o) 4} (5.88)
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Fig. 5.12 Representative waveforms corresponding to a CCM operated 3-level Buck converter, in
case of a duty cycle higher than 50%

The RMS values corresponding to each component coincide with those found for
the DCM operation (and D; > 50%).

Ip =2 (II%TIRMS + IL2T4RMS> (5.89)
112’1 = ILZTIRMS + 21L2T4RMS (5.90)
112’2 = II%TlRMS + 2IL2T4RMS (5.91)

I3, = i1, rus (5.92)
11%12 = IL2T1RMS (5.93)

12 = 2177 pys (5.94)
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5.2.3 3-Level and Classical Buck Converters Comparison

In this section, the comparison between the classical and the 3-level Buck con-
verters is presented in terms of the most significant performance indexes, when
focusing on its monolithic integration. The specifications for both converters can
be observed in Table 5.1 (since just the ideal functionality is observed, neither tran-
sistors and drivers designs were included in the comparison, nor other components
non-idealities). In most of the design parameters the same values have been used,
targeting an homogeneous comparison. However, it should be taken into account
that the 3-level converter requires a higher number of power transistors and drivers,
as well as an additional capacitor.

Table 5.1 Compared converters main parameters

Parameter Value

L 35nH
C, 30nF
fs 25 MHz
Vba; 36 V
Vo 1V

I o 1 00 mA

In Figs. 5.13 and 5.14 the operating mode and the duty cycle of the corresponding
switching signal are depicted as a function of the output voltage and the C, capacitor
value for the 3-level Buck converter. The transfer function is shown through the d;
signal duty-cycle (in %).

CCM

Operating mode

Cx (nF) 01 0 Vo V)

Fig. 5.13 Operating mode of the 3-level Buck converter, as a function of the output voltage V,, and
the C, value
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D, (%)

Cx (nF) 0110 Vo V)

Fig. 5.14 Control signal-to-output voltage transfer function of the 3-level Buck converter, as a
function of the output voltage V,, and the Cy value

It is interesting to observe that a low C, increases the output voltage range in
which the converter is DCM operated, and, in turn, the non-linearity of the transfer
function (specially for V,, < Vp4/2).

The transfer function results are compared with those from the classical Buck
converter in Fig. 5.15 (the dotted line corresponds to the classical Buck). In this case,
just a family of curves with some C, values is presented for the 3-level converter:
0.1, 1, 3,5, 10, 20nF.

From Fig. 5.15 it is observed a more linear behavior for the 3-level Buck con-
verter, specially for higher C, values; although both of them operate in DCM mode
for most of the output voltage range (for the given set of converter characteristics).
Despite this fact is not directly related with the feasibility of the converter imple-
mentation itself, it should be taken into account when attempting to develop the
control scheme.

Figure 5.16 shows the inductor current RMS value resulting from the 3-level
converter, as a function of the output voltage and C, capacitor. The inductor current
has been chosen as a comparison index because it becomes a representative index
of the RMS current flowing through the rest of the components, which are, in turn,
directly related with the corresponding conduction losses.

In Fig. 5.17, the 3-level converter results are compared to the inductor current
RMS value of the classical Buck converter. A family of curves are depicted for the
3-level converter for different C, values (the same ones used in Fig. 5.15).

The comparison in Fig. 5.17 clearly shows that lower conduction losses should
be expected for the 3-level converter, since the RMS value of the inductor current is
lower, specially in the mid-range of V,,. However, it should be reminded that in the
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Fig. 5.15 Control signal-to-output voltage transfer function comparison between the 3-level and
the classical (dotted line) Buck converters. A family of curves with different C, values is presented
for the 3-level converter
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Fig. 5.16 Inductor current RMS value as a function of V,, and Cy, for the 3-level Buck converter
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Fig. 5.17 Inductor current RMS value as a function of V,, for the 3-level and the classical (dotted
line) Buck converters. A family of curves with different C values is presented for the 3-level
converter

3-level Buck, inductor current is always flowing through 2 series-connected power
MOSFETs, and the C, capacitor in some states (which could compensate the RMS
value reduction).

To continue with the comparison related to the power losses evaluation, maxi-
mum switching current (I7, or I7, from the analysis from Sect. 5.2.2) is depicted
in Fig. 5.18, as a function of V,, and C,. This magnitude is observed because it is
directly related to resistive switching transistors losses.

Figure 5.19 shows the comparison of the results in Fig. 5.18 and the maximum
switching current (I, 4y ) of a classical Buck converter.

Again it seems that lower transistor switching losses should be expected for the 3-
level converter, since the state transitions occur in lower inductor current conditions.
Nevertheless, it must be taken into account that 4 transistors switch their state along
a whole switching period (in front of 2 in the classical Buck converter).

The last issue to compare the performance for both types of converters is their
output voltage ripple. The 3-level converter output ripple is depicted in Fig. 5.20, as
a function of V, and C,.

Figure 5.21 compares these results to the output ripple of the classical Buck
converter. Once again, it is observed a better performance for the 3-level converter,
that offers a notable reduction of the output ripple, which could result in either
an output capacitor decrease (to reduce area occupation), or a switching frequency
decrease (to reduce switching losses).

From all the previously presented results, it seems that the 3-level Buck converter
could be a reasonable alternative to be integrated, because of its lower output ripple,
and possible lower power losses.
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for the 3-level Buck converter
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Fig. 5.19 Inductor switching current as a function of V,, for the 3



160 5 3-Level Buck Converter Analysis and Specific Components Models
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Fig. 5.20 Output voltage ripple as a function of V,, and C,, for the 3-level Buck converter
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Fig. 5.21 Output voltage ripple as a function of V,,, for the 3-level and the classical (dotted line)
Buck converters. A family of curves with different C,. values is presented for the 3-level converter

5.3 Self-Driving Scheme

In this section, a particular connection scheme for the power MOSFETSs and their
drivers is presented to take advantage of the particular structure and operation of the
3-level converter, for a given set of technological parameters of the target micro-
electronic process.
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One of the main issues to be faced when addressing the microelectronic imple-
mentation of a switching power converter is the breakdown voltage of the thin gate
oxide of the power MOSFETSs (which in this work is called V,,y). This is, for the
most recent technologies it is interesting to use the shortest MOSFETSs channel to
reduce their on-resistance as well as their parasitic capacitances. Unfortunately, the
reduction of channel length implies the use of thinner gate oxide dielectrics, that
offer lower breakdown voltage (due to the high electric field). In practice, this means
that the gate-to-source or drain-to-source voltage excursions must not exceed a cer-
atin value V4, (for reliability purposes). As a consequence, usually input—output
transistors are used as power MOSFETSs because of their thicker gate dielectric, at
the expenses of larger channel lengths.

The herein presented connection scheme, which can be observed in Fig. 5.22, is
intended to solve the aforementioned issue to allow the use of core transistors (in
case of the considered process: mixed-signal 0.25 pm from UMC).

i vy Vo

Vdd _L §
E N, a
VSS F
Vg

Vdd
dn E Ny

VSS

=

Fig. 5.22 Proposed self-driving scheme to connect both power transistors and the drivers, which
reduces the voltage across the power MOSFETs gate dielectric

Provided that the C, capacitor is large enough, it can be assumed that AV¢,
throughout the whole switching cycle is insignificant and that V¢ remains constant
at the V4, /2 value (in our application this means 1.8 V). Hence, v4 — vp = Vpar/2,
which is an important fact to take into account in the circuit analysis.

It is proposed to use this capacitor as a secondary energy source to supply the
drivers, which presents a voltage reduction down to half of the battery voltage by
means of a lossless LC mechanism (similar to any other switching converter). It is
important to note that the stored charge in the capacitor is much higher than that
required by the drivers, and additionally, it is recycled every switching cycle.

The circuit analysis is based on the values shown in Table 5.2.
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Table 5.2 v4 and vp values along the four different converter states (large C, capacitor is
considered)

T Iy T3 n
vA Vit Viar/2 Viat/2 Var
UB Viat /2 0 0 Viar /2

e The drivers of P, and N, are completely supplied by the C, capacitor, which
results in a gate-to-source maximum voltage of V¢, . For the considered technol-
ogy this is low enough to avoid reliability issues due to the gate oxide breakdown
voltage. Thus, core transistors (with shorter channel length) can be used, which
reduces the power losses.

e Transistors from power drivers can also be minimum channel length, since their
voltage supply is half of the input voltage, too. This not only shrinks down the
area occupation, but also reduces driver energy consumption since Q; and Q.
factors become lower.

e P; driver must be designed with input—output transistors since during states 7>
and T3, it is supplied at Vj,; voltage. However, Pj transistor gate voltage is vp =
Vbar/2 during 77 and Ty, and v4g = Vpy during 75 and 73, which means that
maximum gate-to-source/drain voltage is Vj,,/2 and consequently P; can be a
core transistor.

e A similar reasoning applies for N and its driver. During 7| and T4, the driver
is supplied at Vj,, voltage (which requires the use of input—output transistors to
build up the driver); nevertheless, N1 can be a core transistor since the maximum
gate-to-source/drain voltage is Vj, /2.

To easily extend this reasoning to the DCM operation, the switching sequence for
such conduction mode should be considered. Table 5.3 shows the transistors states
along a complete switching cycle, for both cases V, > Vp4 /2 and V, < Vjpyr/2.
Attention should be paid to the switching sequence, since it avoids some useless
transistor switchings (which would increase power losses). In the table, inactivity
states are noted by 7| and T3 according to whether they are previous to (in case
of V, < Vpa/2) or after (V, > Vpy/2) the states 71 and 73. It is necessary to
distinguish both inactivity states since, as exposed on the table, transistors states are
different. It is also interesting to note the fact that although they share the name,
inactivity states require different switches configuration depending on the V,, value.

Table 5.3 Switching sequence for any of the transistors of a DCM operated 3-level Buck converter
(0 stands for ‘off-state’, whereas 1 stands for ‘on-state’)

Vo < Vpar/2 Vo > Viar/2

Tl/ T, T T3/ T3 T, T3/ n T Tl, T4 T3
P 0 1 0 0 0 0 0 1 1 1 1 0
P, 0 0 0 0 1 0 1 1 0 0 1 1
Ny O 0 1 1 1 1 0 0 0 0 0 1
Ny 1 1 1 0 0 1 0 0 1 0 0 0
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Table 5.4 v,4 and vp values along the inactivity converter states, in case of DCM operation (large
C, capacitor is considered)

Vo < Vbar/2 Vo > Voar/2
7] 7 T T
vA Vo + Vpar /2 Viar/2 Viar Vo
UB Vo 0 Viar/2 Vo — Viar/2

Table 5.4 shows the voltage present at nodes A and B during the inactivity states.
Again, applying a similar reasoning to the CCM case, it is observed that the pro-
posed connection scheme satisfies that the gate-to-source/drain voltage of power
MOSFETsS never exceeds the Vj,;/2 value.

A drawback of such proposal is that the on-resistance of a power MOSFETS is
reduced by increasing its gate-to-source voltage; hence, a smaller reduction of the
on-resistance is expected from the lower V,, voltage application. However, global
power loss reduction is still expected, since switching losses should be reduced, too.

All the previous explanations are clarified in Fig. 5.23, which presents the drivers
voltage supply, as well as the gate-to-source voltage for all the transistors (in case
of PMOS transistors P; and P,, source-to-gate voltage is depicted). These wave-
forms were obtained from transistor-level simulation results, run on CADENCE
software.

It is observed that in all of the power MOSFETS, the maximum gate-to-source
voltage is roughly Vj, /2 (which does not exceed the maximum allowed by the
technology for core transistors, V., = 2.5 V). Additionally, the supply voltage for
drivers of P, and N; transistors is also half of the battery voltage. Only the drivers
voltage supply corresponding to Py and N, reaches the battery voltage during some
converter states.

Some oscillations typical at x-node in DCM operation are observed in the P; and
N drivers voltage supply during the 7} inactivity state, because N3 is conducting
and v, oscillations are transferred to v4 and vg.

In case of a low C, value (more suitable to microelectronic implementation),
an important consideration arises when attempting to implement the herein pro-
posed self-driving scheme to supply the drivers. Since a low C, value results in
a AVc, = Vy — Vj increase, it must be taken into account that the Cy capacitor
voltage must be large enough to let the driver conveniently operate. Therefore, the
converter design must consider a minimum V¢ value (V) as a constraint in the
design space exploration, avoiding those designs that would preclude the drivers
operation.

At this point, it is important to comment a very interesting work from Kursun
et al. [36], who presented a Buck converter scheme that allows the use of high
input voltages in case of integration on low-voltage CMOS processes. In such
work, several transistors are series connected and smartly switched to guarantee that
gate-to-source/drain/body voltage does not exceed V,,,4 in any case. Unfortunately,
additional voltage sources are required to generate the necessary intermediate volt-
age levels.
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Fig. 5.23 Driver supply voltage and v (or vy, ) for all power MOSFETS, obtained from transistor-
level simulation results

5.4 Specific Components Models and Implementation

5.4.1 C, Capacitor Implementation

The particular connection of this capacitor (which becomes floating between both
nodes A and B) precludes the use of a MOSCAP structure to implement it, since the
channel terminal of that structure should be connected to ground.

Inevitably, the microelectronic implementation of the Cy capacitor requires the
use of a parallel plates capacitor. Most of the recent mixed-signal technologies (as
the considered in this work), have the possibility to use metal layers which are spe-
cially close each other (to increase the capacitive density) to implement them.
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Hence, in this case, no complex model is required to be included in the design
space exploration.

As regards its ESR, it is found that an accurate model would require the use of
finite-element simulations since not only it depends on the particular plates shape,
but also on the connections placement and size, which in turn rely on the partic-
ular layout design of the converter itself and the considered application. For all
this reasons, no ESR model has been developed and an arbitrary value (Rysps) for
this characteristic will be used in the 3-level converter design space exploration.
Associated power losses (Pc, ) are then easily computed as the product between the
C, current RMS value and its ESR.

Pc, = ng Ryim (5.95)

5.4.2 Power MOSFET Energy Losses Evaluation

In this section, the transistors power losses calculation used in case of the 3-level
Buck converter design space exploration, are discussed. Conceptually, they are
almost coincident with the methodology presented in Sect. 3.4. However, to extend
the model to the 3-level converter case, some important additional details are nec-
essary. Hence, in this section just model differences are detailed.

Once again, the same power losses subdivision is used: conduction losses, capac-
itive switching losses and resistive switching losses.

Because the considered application implies an output voltage of V,, = 1 V and an
input voltage of Vp,, = 3.6V, only DCM and CCM operation for the V,, < Vj /2
case is exposed. Then, if required, this model can be easily extended to the V, >
Vibat/2 case by means of similar reasonings.

5.4.2.1 Capacitive Switching Losses Egy ¢

In fact, the proposed switching losses model makes its full sense in the case of the
3-level converter, which presents 3 different switching nodes (A, B and x) and 4
power switches connected to them.

First of all, voltage values in the 3 switching nodes, as well as in any power
MOSFET gates, are analyzed and summarized in Tables 5.5 and 5.6 for all the state
transitions of both operating modes. In these tables, low C, capacitor is considered
to make calculations more accurate, which explains the use of initial (V) and final
(V¢) Cy capacitor voltages, rather than the V¢, = Vpe/2 approach (valid for large
Cy).

Regarding A, B and x switching nodes, those voltage transitions which are carried
out by means of the inductor current are marked by a gray background, to indicate
that they are lossless (provided that ideal dead-time is applied).

Then, parasitic capacitances connected to all switching nodes are determined, as
shown by expressions (5.96), (5.97) and (5.98).
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Table 5.5 Voltage transitions in the switching nodes of the 3-level Buck converter, for both oper-
ating modes

DCM
Node T2 d T{ Tl, — T1 T1 — T2 Tz — T3, T3/ — T3 T3 — T2
vA Vo= Vo+ Vo Vo+ Vo= Vear Var —> V¢ Vei—=> Ve Ve Ve Vo> Wy
VB 00—V, Vo = Voar = Vo Vpar = Vg —0 0—0 0—0 0—0
Vy 00—V, Vo = Vpar — Vo Vbat_Vf_>0 00—V, V,,—)Vf Vo — 0
CCM
Node T, — T T — T T, — T3 T3 — T
VA Vo = Viar Vear = Vy Vi — Vg Vo — Vo
VB 0— Vpar — Vo Vpar — V§ — 0 0—0 0—0
Vy 00— Vo — Vo Vpar — Vi — 0 0— Vy Vo— 0

Table 5.6 Power MOSFETS gate voltage transitions (vgs), for both operating modes

DCM
Transistor  T» — T/ T — T T, — T, T, — Ty Ty — Ts T35 — T
Py 0—0 00—V Vi—0 0—0 0—0 0—0
P 0—0 0—0 0—0 0—0 0— Vg Vo— 0
N Vo — 0 0—0 0— Vy Vi — Vg Vi— V¢ Vo = Vo
Ny Vo = Vo Vo = Vo Vi— Vg Vi—0 0—0 00—V
CCM
Transistor T, — T T, — T» T, — T T3 — Th
P 00—V Vi—0 0—0 0—0
P> 0—0 0—0 0— Vg Vo — 0
Ny Vo — 0 0— V¢ Vi — Vg Vo = Vo
N2 V0—>V0 Vf—)Vf Vf—)O 0— V()
Ca = Caar1 + Cjap1 + Csgp2 + Csap2 (5.96)
Cp = Caan1 + Cjan1 + Csgnz + Csanz (5.97)
Cy, = Caap2 + Cjap2 + Caan2 + Cjan2 + Cpap (5.98)

It must be observed that C4 and Cp parasitic capacitors do not include the Cy
capacitor. This is because this capacitor does not change its voltage due to the con-
verter state changes. It just acts as an electrical link between A and B nodes; this
is, any voltage change on any of both nodes is reproduced at the other capacitor
terminal. Only the inductor current during 77 and 73 states changes the V¢ voltage,
or the supply current of the drivers.

Then, tables for all the required parasitic capacitances are obtained from
transistor-level simulations, as explained in Sect. 3.4.2.1. Nevertheless, if the type
of transistors is changed (e.g. core transistors instead of input—output transistors)
new tables must be obtained.
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Finally, energy losses related to the charge and discharge process of all the para-
sitic capacitors at the switching nodes are evaluated (considering that they are non-
linear).

5.4.2.2 Resistive Switching Losses Egy g

Resistive switching losses are evaluated as in the case of the classical Buck con-
verter. In Table 5.7 the switching currents for any transistor and any converter state
transition are shown (for CCM and DCM). Additionally, gray background is used to
mark those cells corresponding to situations in which no resistive switching losses
occur because either switching current is zero or the particular transistor does not
switch in that transition (represented by a black dot).

Table 5.7 Power MOSFETs switching current values of the 3-level Buck converter, for both oper-
ating modes (the black dots indicate those situations where the transistor does not switch)

DCM
Transistor T — T/ T — T Ti - T» T — T, T, — T3 ;- T
P ° 0 I7, ° ° °
P ° ° ° ° 0 Ir,
N 0 ° Ir, ° ° °
Ny ° . ° 0 ° I,
CCM
Transistor T, — T Ti — T T — T T3 — T»
P Iy It o .
P . . Iy I7,
Ny Iy Ir, . .
N> o ° Io I T

The corresponding values for I7; and Iy can be obtained from the expressions in
Sect. 5.2.

Then, using expression (3.80), resistive switching losses can be computed.
values must be obtained from the tapered buffers design for any of the power
transistors, and the required Rygr values are extracted from tables obtained from
transistor-level simulations.

It is interesting to note at this point that, when designing the drivers, the con-
sidered voltage supply is no longer the battery voltage if the self-driving scheme
presented in Sect. 5.3 is implemented. Instead of this, the drivers voltage supply is
set to Viar/2, as a coarse approach.

5.4.2.3 Conduction Losses

Although the concept used for transistor conduction losses evaluation is the same
as in Sect. 3.4.3, important modifications must be included in the 3-level converter
case, if a low C, capacitor is implemented.
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The reason for this is that the on-state gate-to-source voltage (V,,,) is not constant
along the complete switching cycle, for all the power transistors, because the Cy
voltage changes from Vj to V.

During the T; state, N1 and N> vg, voltage is constant, but it is Vj before the T;
state and V after it. Furthermore, during 7} state, P; and N, applied gate voltage
continuously changes from Vj to V; and this trend is reversed along the T3 state
for the applied voltage to P and N; gates (vc, = Vy — V). This information is
summarized in Table 5.8 (obviously, in this case, no necessary distinction is needed
between DCM and CCM).

Table 5.8 Applied gate voltages at the 3-level converter transistors, during their on-state (a black
dot indicates that the particular transistor is off)

Transistor T T T2 T3
P ° Vo — V¢ ° °
P ° ° ° Ve —>W
Ny Vo ° Vy Ve —>W
N> Vo Vo — Vy Vs °

All this voltage changes imply that the on-resistance of the conducting transistors
changes as well. Thus, the RMS value of the current referred to a complete switching
cycle can not be used directly to evaluate the conduction losses.

As a consequence, different solutions are proposed for the different situations.

T, state

Conduction losses due to transistors current flowing during the 75 state are com-
puted as the product between the RMS value I;1,rys (obtained in Sect. 5.2) and the
sum of the Ny and N, on-resistances, corresponding to Vg and Vy, as V,,. Since
energy computation is preferred, the whole expression is divided by the switching

frequency (f5).

2
17, Rms

s

Econa_r2 = (Rn1_vy + Rn2_vy + Rni_v, + Rn2_vy) (5.99)

T; state

In case of conduction losses corresponding to the 77 state, a more complex evalua-
tion procedure is proposed, since a variable on-resistance must be taken into account
for the conducting transistors. Consequently, a staggered approach is proposed to
model the on-resistance (see Fig. 5.24), and the posterior computation is similar to
the resistive switching losses calculation. To obtain the different resistance values
of the staggered approach, a linear evolution for the vgs voltage is supposed and a
R = f(Vyg,) table is used (since the channel resistance is not a linear function of the
applied gate voltage, as observed in Fig. 3.59).
Then, energy losses are computed as follows:
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Fig. 5.24 On-resistance staggered approach due to a variable v,y voltage

T, T T,
Econd T1 = Ra f iz (t)dr + Ry f i2(t)dr + R, / i7 (t)dr +
0 T,

Ty

Taq Te
+Ry / i (1)dt + R, / i7(r)dr (5.100)
¢ T,

d

This allows to compute the energy corresponding to any piece of the R,,, staggered
function, and finally all the partial calculations can be accumulated.

2 R;
LT{RMS LT RMS LT RMS
Econd_Tl = E ! = L E R —1== E (RtN + RlP)
; ;

nR fs nR fs nR fs
(5.101)
where R; is the ith subdivision of the total on-resistance (i.e. the sum of the resis-
tance corresponding to the NMOS and PMOS series connected transistors); and ng
is the number of subdivisions used in the staggered approach (5, in the example of
Fig. 5.24).
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T3 state

The conduction losses calculations corresponding to the T3 state are carried out in
an analogous way to the 77 state counterpart.

Just to finish the driver design and losses calculation for the 3-level converter,
some considerations regarding the design procedure are discussed in the following.

It is interesting to mention that the optimum transistors channel width is concur-
rently found by means of genetic algorithms, in the same way as for the classical
Buck converter. Here, it is specially indicated the use of such optimization method,
since the existence of four different variables (Wp,, Wp,, Wy, and Wy,) would
make it impractical to explore the whole transistors design space (for any point
of the global design space exploration), because of the huge number of possible
designs. Again, total power losses (switching and conduction) are added and the
optimum design is established as the one that produces the lowest power losses,
disregarding occupied area considerations (since it is expected to be insignificant in
front of the whole power converter area).

In addition to this, 2 main constraints are applied to any particular guess: a max-
imum propagation delay on the driver design (¢4 max ), and a minimum C, capacitor
voltage (since it is necessary to supply the power drivers).



Chapter 6
3-Level Buck Converter Design Space
Exploration Results

Abstract Having presented the theoretic operation of the 3-level Buck converter,
and the expected benefits that would result from its application as a low-power
fully integrated step-down converter, the corresponding design space exploration
is presented in this chapter. First, the same output ripple constraint as in case of the
classical Buck converter is applied; and the results show an expansion of the possible
designs space, due to its relatively lower output ripple. In this sense, an optimized
design with higher power efficiency and more reduced area is obtained. However,
a new design space constraint is presented from the requirement to provide a wide
output current range. This new context demands some kind of switching frequency
modulation to keep an acceptable power efficiency when very low output current
is provided. Consequently, a proportional modulation (Arbetter and Maksimovic,
Power Electronics Specialists Conference, 1997, PESC’97 Record, 28th Annual
IEEE, St. Louis, MO, June 1997) of the switching frequency as a function of the
output current (provided that the converter is DCM operated), is proposed. The main
drawback of this proposal is an output ripple increase as both I, and fs become lower.
Therefore, the new constraint requires to keep the output ripple below 50 mV in the
output current range of 5SmA — 100 mA. Obviously, this results in a stronger reduc-
tion of the design space, and another optimized design is found providing poorer
efficiency and bigger area occupancy (which is still better than the classical Buck
counterpart). Finally, a suboptimum design selected, to be implemented in the chip
to be tested, is presented because of practical considerations about the feasibility of
the required control circuitry.

6.1 Design Space Exploration Results for the I, = 100 mA Case

The design space exploration corresponding to the 3-level converter will be carried
out in a similar way than the corresponding to the classical Buck converter. Never-
theless, here, the presence of the C,. capacitor adds a new dimension to be explored,
since its value has a great impact on important converter magnitudes such as the
RMS inductor current value (related to power losses), or the output voltage ripple
(that strongly constrains the possible design space) and, obviously, the occupied
silicon area. Therefore a 4 dimensional design space exploration should be carried,

G. Villar Piqué, E. Alarcén, CMOS Integrated Switching Power Converters, 171
DOI 10.1007/978-1-4419-8843-0_6, © Springer Science+Business Media, LLC 2011
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which implies an overwhelming computation complexity. Even worse, the quali-
tative interpretation of the results could become really complicated (since a four
variables function should be represented).

However, in this work, an advantageous intersection of a particular implementa-
tion and a technical possibility (provided by the selected microelectronic process)
are used to simplify this issue.

The main fact beyond this proposal is related to both converter capacitors (C, and
C,) implementation. In Sect. 3.2, a matrix structure was presented to implement the
output capacitor by the interconnection of multiple MOS capacitors. Such structure
uses the bottom 3 metal layers. On the other hand, as previously commented, the
electrical requirements of the C, capacitor preclude the use of a MOSCAP structure
to implement it, thereby leaving the use of a flying Metal-Insulator-Metal (MIM) as
the only feasible possibility. In the selected process, this kind of metal capacitor
is implemented by means of the fourth and fifth metal layers, and, additionally,
an special metal layer between both of them, which is extremely close above the
Metal-4 layer.

Hence, it is proposed to place the C, capacitor on the output capacitor, occupying
the same area. In the following a list of considerations and benefits arisen from this
proposal, is presented.

e In the design space exploration, C, values are swept. The resulting area occu-
pancy from the C, capacitor is used to determine the C, value, by means of
the Cpy capacitive density (which in case of the UMC 0.25 wm process is
1 fF/pum?). This way any single value of the output capacitor is linked to a
single value of C,, which implies a reduction of the design variables number
from 4 to 3. Thus, the design space exploration can be carried out and analyzed
as in the classical Buck converter (Chap. 4).

e This simplification makes sense because, as observed in Chap. 5, an increase in
the Cy value, results in lower output ripple and power losses (because of lower
inductor current RMS value). Then, if C, is placed on the C,, and it is supposed
that the later occupies more silicon area it is interesting to take advantage of the
unused area in the top metal layers, and increase the C, value. On the contrary, if
C, is supposed to occupy more area than C, (because their values are not linked),
it is interesting to increase the output capacitor so as to reduce the output ripple.

e An obvious benefit that stems from the ‘sandwich’ placement of both capacitors
is the reduction of the total occupied area (similar to the case of the inductor
bonding wire implementation).

e A possible drawback of this proposal is that an important parasitic capacitor
appears between one of the Cy capacitor plates and the ground node (since, in the
MOSCAP structure, the Metal-3 layer is used as the ground terminal). Although
this effect has not been studied in this work, it could be interesting to investigate
it as a future research line.

Other considerations (no related to the Cy capacitor implementation) to take into
account before carrying out the design space exploration are listed in the following:
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e Asin case of the classical Buck converter, the skin-effect is also considered in the
inductor ESR calculations (see Chap. 4).

e Since more switching activity is required for any switching cycle of the 3-level
converter (at least 4 different states are changed), the maximum allowed propa-
gation delay of any of the tapered buffers, is constrained down to #7_max = 1ns.

e Power drivers are considered to be supplied at the Vj,,,/2 voltage, because of the
self-driving scheme, presented in Chap. 5.

e Since the power drivers are supplied from the C, capacitor, a minimum value of
1.2V for the V¢, voltage is used as a design space constraint.

e Although P; and N transistors are implemented by core transistors (L., =
0.25 wm), their drivers are implemented by means of input — output transistors
(Lep =035 wm).

e Both P, and N, power transistors, as well as their corresponding power drivers,
are implemented by means of core transistors.

e Both PMOS power switches (P; and P,) are implemented by means of Low-
V; transistors, since, in this particular technological process, they offer lower
resistance at the expenses of an slightly increase of their channel length (L., =
0.3 pwm, although being core transistors).

As in case of the classical Buck converter, the most important application and
technical parameters are summarized in Table 6.1.

Figures 6.1, 6.2 and 6.3 show the design exploration results in terms of power
efficiency. As in Chap. 4, white squares are used to depict those design con-
figurations that are excluded from the possible results because they yield an
output ripple higher than the maximum allowed. To depict possible designs,
gray-scale zones are used, where the darker the area, the higher the efficiency.
Additionally, black diamonds are used to mark those design configurations that
result in CCM operation. Finally, a black dot marks the maximum efficiency
configuration.

In the upper right corner, the design variables values corresponding to the black-
dot design are annotated, whereas the corresponding specific design data are pre-
sented in the upper left corner.

An interesting particularity of the proposed representation is that for low f; val-
ues, there are zones of the (L, C,) plane that do not present any square. These corre-
spond to designs that where rejected not for the output voltage ripple constraint, but
for the minimum V¢, > 1.2V constraint (since it is considered that the converter
would not work under that condition). Consequently, these ‘forbidden’ zones are
found for low C, values, which imply low C, values. It must be remembered from
Sect. 5.2, that Avc, is inversely proportional to C, capacitor.

Although, the power efficiency evolution is similar to the classical Buck con-
verter case, some important differences appear.

First, the vertical scale of the 3-dimensional surfaces has changed from
47.75% — 62.5 to 50.75% — 70.25%, which implies a general increase of the
power efficiency.
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Table 6.1 Design parameters and technical information used in the Buck converter design space
exploration (UMC 0.25 pm mixed-signal process)

Application parameters
Battery voltage (Viar)
Output voltage (V)
Output current (/,)

Maximum output voltage ripple (AV,)

Inductor design

r 12.5 pum P

o 41 x 10%S/m Ryp
Mr_conductor 0.99996 1220
Wr_media 1 L tolerance
YLA 1 YLR
Output capacitor design (Core transistors)

Vgs v Cox
KN 376 sz/(SV) Vierm
o 1/12 y

a 0.8 um b
Rpoly 2.5Q Ryer
Ruer 53mQ Ryers
Scont 1/0.72 cont./pm Svial
Svia2 1/0.76 Via2 /pm Reont
Rvial 3.5 Q/Uial Rviaz
Vrn 0.17V

C capacitor design (Metal-Insulator-Metal)

Cymim 1{F/pum? Ryim
N1 and Pj drivers desgin (IO transistors)

Lnin 0.35 pm Winin
Cpap 1pF td_max
tai Table tdel

Ifri Table tfrel

0i Table Qel
All power transistors and N> and P, drivers design (IO transistors)
Lnin 0.25pm Winin
Crap 1pF d_max
ldi Table Idel

Ifri Table lffre 1

Qi Table Q.1

3.6V
1V
100 mA
50mV

50 pm

13mQ

47 x 1077 H/m
3%

10

6.27 fF/pum?
25mV

12

0.8 um

53 mQ

53 mQ

1/0.76 Vial /um
5 /cont.
3.5Q/via2

0.3 wm
1ns
Table
Table
Table

0.3 pum
1ns
Table
Table
Table

Also, it is observed that even for f; = 10 MHz possible designs appear which is
due to the lower output voltage ripple produced by the 3-level converter, expanding
the area of the possible design sets.

Again, it is observed that in all the frames the highest power efficiency is obtained
in for DCM operated design, although it is on the edge between both operating
modes. The reason for this is that this placement produces an interesting trade-
off between the soft-switching conditions arisen from the DCM operation and the
lower current RMS values, obtained from the CCM operation (mainly, due to higher
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Fig. 6.1 Power efficiency design space exploration results. a f; = 10MHz, b f; = 11.79MHz, ¢
fs =13.89MHz, d f; = 16.38 MHz, e f; = 19.31 MHz, f f; = 22.76 MHz

inductance values). It is interesting to note that power efficiency is clearly an increas-
ing function of the L value, (except in the CCM zone), while it becomes less depen-
dent of the output capacitor value, since this only produces slight changes on its
ESR and the RMS value of the capacitor current is relatively low. A greater impact
could result from the C, capacitor ESR value, because higher amounts of current
flow through it, but, in this work, its ESR has been considered constant.
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Fig. 6.2 Power efficiency design space exploration results. a f; = 26.83 MHz, b f; = 31.62 MHz,
¢ fy =37.28 MHz, d f; =43.94MHz, e f; = 51.79MHz, f f; = 61.05MHz

However, for low C, values an efficiency reduction is observed because of the
resulting lower C value, that yields a higher RMS value of the inductor current.

In this perspective, power efficiency also presents a maximum as a function of
the switching frequency (Fig. 6.1f, fy = 22.76 MHz — n = 70.27%), as a con-
sequence of the more proper balance between the switching and the conduction
losses. At this point, it should be observed that an increase in the maximum power
efficiency from 62.38% (Fig. 4.2a) up to 70.27% has been achieved by changing
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Fig. 6.3 Power efficiency design space exploration results. a f; = 71.97 MHz, b f; = 84.83 MHz,
¢ f; = 100 MHz

the converter topology. In contrast to the classical Buck case, the maximum power
efficiency appears for a much lower switching frequency (approximately half the
value). However, it should be taken into account that the whole switching cycle of
the 3-level converter implies the double state changes (this is, the double switching
activity).

Total occupied area results are depicted in Figs. 6.4, 6.5 and 6.6, where similar
representation criteria as with the power efficiency, were used. Here, the area has
been computed as the maximum of the inductor area or the sum of the output capac-
itor area plus the power switches and drivers area. The corresponding expression
from Chap. 4 is repeated here, for the sake of clarity.

Agpral = max[Ap  (Ac, + Apmos + ANmos + Aprdriver + ANdriver)] 6.1)

The results are very similar to the obtained for the classical Buck converter,
since the same values were used to sweep the L and C, design variables (which are
responsible for almost the total occupied area). In this case, the proposed placement
of the C, capacitor above the output capacitor does not change the occupied area
evolution. However, it is also noted the increase of the design space (referred to
the 3 design variables) due to the lower output ripple that results from the 3-level
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Fig. 6.4 Total occupied area design space exploration results. a f; = 10MHz, b f; = 11.79 MHz,
¢ fy = 13.80MHz,d f; = 16.38 MHz, e f; = 19.31 MHz, f f; = 22.76 MHz

converter operation. Therefore, when analyzing these area results, the same reason-
ings for the classical Buck can be applied here.

In order to evaluate the global performance of the designed converter, a merit
figure that considers both occupied area and power efficiency is used. To carry out
an homogeneous comparison with classical Buck converter, the same merit figure
definition has been used here (expression (6.2) remembers it).
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Fig. 6.5 Total occupied area design space exploration results. a f; = 26.83MHz, b f; =
31.62MHz, ¢ f; = 37.28 MHz, d f; = 43.94MHz, e f; = 51.79MHz, f f; = 61.05MHz

2
I — (1 — Nmin) 6.2)
Atotal
Although similar criteria to the power efficiency and occupied area cases have
been applied to present the merit figure evaluation results, it must be taken into
account that L and C, axis have been reversed, resulting in a turn of 180° in the
perspective view of the 3-dimensional surfaces (Figs. 6.7, 6.8 and 6.9).
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Fig. 6.6 Total occupied area design space exploration results. a f; = 71.97MHz, b f; =
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As a qualitative approach, it is observed a relative increase of vertical axis ticks
values which imply a better performance, since the merit figure definition is coinci-
dent for both converters.

Once again, in most of the frames the maximum merit figure value is produced
by designs that are on the border of the ‘forbidden’ zone, because they provide the
lowest output capacitor (which implies the lowest area occupancy) that produces
an acceptable output ripple. Nevertheless, for high frequency values, the maximum
merit figure design is no more on that border, since the lowest considered capacitor
is achieved and then the inductor area or the power efficiency take their effect.

The impact of the merit figure evaluation in the design selection can be observed
by comparing the efficiency and the total area of the maximum power efficiency
design and the maximum merit figure design. While the first yields a power effi-
ciency of 70.27% and A,y = 9.36 mm?, the later results in 69.33% and 1.81 mm?,
respectively. Thus, an important reduction of the occupied area is obtained at the
expenses of an slight decrease of the power efficiency.

The maximum merit figure value is obtained in Fig. 6.2c. This design yields
a power efficiency of 69.33% and a occupied area of 1.81 mm?, which are much
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better than the same results for the selected design of the classical Buck converter:

n = 61.02% and Ay = 2.29 mm?>.
It is interesting to observe the evolution of the maximum merit figure value of

each frame, as a function of the switching frequency. In Fig. 6.10, this evolution is
compared to the previously presented for the classical Buck converter.
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As expected, for almost all the switching frequency values here considered the
merit figure takes a higher value for the 3-level converter. The possible low fre-
quency designs also appear in the comparison, since only 3-level converter designs
are possible below the 20 MHz limit due to the output ripple constraint.
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6.2 Design Space Exploration Results for a I, Wide Range

From the previous reasoning, it could seem that a converter design offering accept-
able results in terms of power efficiency and occupied area, while keeping an output
ripple lower enough for the considered application, have been achieved. However,
at this point an additional and important consideration should be taken into account.

The main issue is to consider an output load that changes its current consumption
for a wide range, from its nominal value (considered as the maximum), down to the
microamperes range. This is a very common situation when supplying digital cores
that change their working mode according to their computation needs (e.g. full-
processing and sleep modes), which involves a significative current consumption
change, of several orders of magnitude.

If the previous assumption is considered, several important implications should
be taken into account. First of all, DCM operating mode will the unavoidable at very
low output current values. On the other hand, high switching frequency could result
in very low power efficiency when supplying low output current, due to switching
losses.

Therefore, some kind of switching frequency modulation should be considered
as the output current changes, since it is the only dynamic design variable for a
given converter design (i.e. having determined all the static design variables, such
as (L, C,, Cy)).

A complete dissertation about the optimum switching frequency modulation is
presented in Appendix C. The main conclusion is that, provided that the converter is
DCM operated, a linear switching frequency modulation keeps the power efficiency
constant as the output current changes.

fi =k, (6.3)

As observed in expression (6.3), the switching frequency is proposed to be pro-
portional to the output current, since when no output current is supplied any activity
is not required in the converter. Thus, the singular point of [, =0A — f; = 0Hz
is consistent with this reasoning.

In order to keep the optimum power efficiency, the slope of the linear function (k)
should be stated as the ratio between the switching frequency of the selected design
and maximum output current of the considered application.

fs — .f:?i()pl Io (64)

Iofmux

Figure 6.11 shows the evolution of the power efficiency for a wide range of
the output load current, for both cases: keeping constant the switching frequency
or applying the linear modulation. The optimum switching frequency (fs opr =
37.28 MHz) is obtained from the results of Fig. 6.2c, while the maximum output
current value is considered to be 100 mA.
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Fig. 6.11 3-level converter efficiency as a function of the output current. Constant switching fre-
quency against linear modulation are compared

From these results, it is observed that if a variable current load must be supplied
the linear f; modulation as the output current changes becomes fundamental.

In this case, model results are contrasted against transistor-level simulation
results, for the case of applying the proportional f; modulation. Good matching
is observed between simulation measurements and theoretical power efficiency for
more than a decade of the [, values. Nevertheless, for very low output current
values, power efficiency starts to decrease because of the leakage current through
the power MOS switches, which becomes more important as the output power is
reduced.

Although this f; modulation contributes to the fundamental objective of keeping
the power efficiency as high as possible, a new important drawback arises: the output
voltage ripple is increased as the I, is reduced. This effect appears because of the
switching frequency reduction, as a consequence of the proposed modulation.

A qualitative approach to this phenomenon can be easily explained:

1. The main consequence of the proportionality between the f; and the output cur-
rent is that all the inductor current pulses (it must remembered that the converter
must be DCM operated to apply the linear modulation) keep exactly the same
shape, and just their frequency is changed (for further details on this issue refer
to the Appendix C).

2. In case of an extremely low output current, the entire inductor current pulse is
stored in the output capacitor since almost no output current is substracted from
the capacitor (ic, = ir — Ip).
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3. This generates an increase of the Awv,, that decreases as the output current
becomes higher, since the total charge stored in the output capacitor along the
whole switching cycle becomes lower.

This behavior can be observed in the Fig. 6.12, where the output ripple evolution
as a function of the output current is depicted. The case of the switching frequency
remaining constant is compared to the resulting from the (6.3) application. For the
first case, the output ripple is reduced as [, becomes lower because the inductor
current pulses become smaller, resulting in little charge to be stored in the output
capacitor (which reduces the Av, magnitude).
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Fig. 6.12 3-level converter output ripple as a function of the output current. Constant switching
frequency against linear modulation are compared

Conversely, the output ripple is increased as I, is reduced if the linear switch-
ing frequency modulation is applied, as expected from the previous qualitative
reasoning.

From the comparison results of Figs. 6.11 and 6.12, it is concluded that keeping
the switching frequency constant reduces the output ripple for low output current,
whereas the power efficiency is shrunk almost down to zero. In this respect, in this
work, keeping an acceptable power efficiency is considered to be more important
than reducing the output ripple far below the value required by the output load.

From the curve of Fig. 6.12, it is observed that the most of the ripple increase it
produced in the miliamperes range. Then, as the output current is further reduced,
only an slight output ripple increase is produced. Moreover, it is common that digital
cores became more tolerant to the voltage supply ripple when they remain in power-
saving modes such as sleep mode.

In conclusion, it is proposed to obtain a design that assures that the output ripple
is below the 50 mV constraint in the output current range of 5 mA — 100 mA.
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Therefore, in front of this new constraint, obtained design space exploration
results are discarded, and design space should be reexplored constraining even more
the design space, by those designs that provide an output ripple lower than 50 mV in
the whole range of the considered output current values (provided that the f; = k1,
modulation is applied to maintain an acceptable power efficiency).

It is very important to note that, under this new application conditions, all the
configuration sets that yield CCM operation are precluded, because it would be
unavoidable to change their operating mode for very low I, values (and unexpected
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power efficiency would result). Furthermore, a change in the converter operating
mode could result in important control loop stability issues.

Figures 6.13 and 6.14 expose the new exploration results in terms of the merit
figure evaluation, having applied the constraints on the converter design to be DCM
operated (at I, = 100mA), and to provide an output ripple lower than 50 mV for
I, = 5mA — 100mA range (considering the proportional modulation of the
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Fig. 6.14 Merit figure design space exploration results, applying the output ripple constraint for the
5mA — 100 mA output current range. a f; = 43.94MHz, b f; = 51.79 MHz, ¢ f; = 61.05 MHz,
d fy =71.97MHz, e f; = 84.83MHz, f f; = 100 MHz
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switching frequency). Here, white squares are used to marked those designs dis-
carded because of the output ripple constraint, while CCM operated designs have
not been depicted.

From these results, it observed that the maximum merit figure value is obtained
from the design of Fig. 6.14b, that yields a power efficiency of 68.51% and occu-
pies an area of 3.77 mm?. In Table 6.2 the most important data about this design is
summarized.

And Fig. 6.15 shows the output voltage ripple of this particular design as a func-
tion of the output current.

Table 6.2 3-level converter optimized design main characteristics, referred to /, = 100 mA

Inductor (L) 20.9nH
Output capacitor (C,) 18.6 nF
C, capacitor (Cy) 3.8nF
Switching frequency ( f5) 51.79 MHz
T; and T3 duration 5.15ns
T duration 4.24ns
T{ and T inactivity states duration 266 ps
Operating mode DCM
Inductor current at the end of T (I7,) 202.4 mA
Total power losses (Pjosses) 46 mW
Power efficiency (1) 68.51%
Total occupied area (A;pq1) 3.77 mm?
Output voltage ripple (AV,) 13.5mV
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Fig. 6.15 Output voltage ripple of the optimized 3-level converter design (Fig. 6.14b), as a function
of the output current
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Fig. 6.16 Optimum design (that yields the maximum merit figure value) of a classical Buck con-
verter after applying the output ripple constraint for a wide range of output current (/, = 5mA —
100 mA)

For the sake of homogeneity, this results should be compared with those resulting
from the classical Buck converter, applying the same output ripple constraint regard-
ing the wide output current range. At this point, in spite of not repeating the Buck
converter design space exploration with that constraint and all the corresponding
results, it has been carried out again and the maximum merit figure design is shown
in Fig. 6.16 (1 = 62%, Ao = 5.91 mm?). It is clearly observed that better perfor-
mance is obtained from the 3-level converter design, since it not only increases the
power efficiency by 6.5% but it reduces the occupied area in 2.14 mm?.

6.3 The Selected Design to be Implemented

Although the design of Fig. 6.14b is which best balances the power efficiency and
the occupied silicon area, while keeping and acceptable output ripple for a wide
output current range, the design that will be finally implemented in this work is the
one corresponding to Fig. 6.13f, because of its lower switching frequency. The main
reason that supports this selection is that for the converter to properly work in DCM
conditions, some highly specific control circuitry is required which, at the moment,
the author of this work is not able to develope for such high switching frequency
operation. However, it is important to lay great stress on the fact that this is not the
best possible selection.

Tables from 6.3, 6.4, 6.5, 6.6, 6.7 and 6.8 present detailed data about the main
converter characteristics as well as each component design.

Additionally, in Fig. 6.17 the output voltage ripple evolution as a function of /,,
when the proportional modulation of the switching frequency is applied, is exposed
and contrasted against transistor-level simulation results.
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Table 6.3 3-level converter selected design main characteristics, referred to I, = 100 mA

Inductor (L) 26.73 nH
Output capacitor (C,) 25.89nF
Cy capacitor (Cy) 5.07nF
Switching frequency ( f5) 37.28 MHz
T, and T3 duration 6.85ns
T> duration 5.65ns
T{ and T inactivity states duration 917 ps
Operating mode DCM
Inductor current at the end of T (I7,) 211.2mA
Total power losses (Plogses) 43.5mW
Power efficiency () 69.68%
Total occupied area (A;pq1) 5.09 mm?
Output voltage ripple — I, = 100mA (AV,) 14.6 mV
Output voltage ripple — I, = SmA (AV,) 49.4mV

Table 6.4 Inductor optimized design characteristics

Inductor design

Number of turns (nz,) 3
External side length (s¢x;) 2.3 mm
Occupied area (A7) 2.29 mm?2
ESR (Ry) 1.08
RMS current (I1.) 119.3mA
Power losses (Pr_cond) 15.4mW

Table 6.5 C, and C, capacitors optimized design characteristics

Output capacitor design

Number of cells (1) 7219
Single cells channel length (L) 3.58 um
Single cells channel width (W) 159.5 pm
Occupied area (Ac,) 5.07 mm?
ESR (Rc,) 17.9 mQ
RMS current (I¢,) 19.3mA
Power losses (Pc,) 6.7 W
C, capacitor design

Occupied area (Ac, ) 5.07 mm?
ESR (Rc,) 0.1
RMS current (I¢c,) 89.2 mA
Power losses (Pc,) 796.4 WW

Relative good matching appears between simulation measurements and model
results although divergence occurs as the output current becomes lower. The main
reasons for that might be the output capacitor ESR (not considered in the output
ripple model) and a slight imbalance of the C, capacitor voltage, due to the energy
supplied to the power drivers.

In the model results, it can be observed that the output ripple is lower than 50 mV
along the output current range of 5 mA — 100 mA. For output current values below
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Table 6.6 3-level converter P; and N; power switches (and drivers) optimized design
characteristics

Py (core Low-V; transistors) and P;-driver design

MOSFET channel width (Wyoyer_m0s) 3,930.5 wm
MOSFET channel length (L power_mos) 0.3 pm
On-resistance (R,;,) 1.05 Q2
RMS current (Ip,) 63.1 mA
Conduction losses (Pond) 4.1 mW
Resistive switching losses 0.8 mW
Driver number of inverters (1) 5

Driver tapering factor (f) 4.84
Minimum inverter PMOS channel width (W) 1.17 pm
Minimum inverter NMOS channel width (W,,) 0.3 um
Inverter transistors channel width (L) 0.35 um
Driver propagation delay (¢4) 0.99 ns
Driver output fall-rise time () 374 ps
Driver power losses (Pgyiver) 3.8mW
N (core transistors) and N{-driver design

MOSFET channel width (Wyoyer_m0s) 3,547.2 um
MOSFET channel length (L power_mos) 0.25 um
On-resistance (R,;) 0.31Q2
RMS current (/y,) 101.2mA
Conduction losses (P.ond) 3.1 mW
Resistive switching losses 0.3 mW
Driver number of inverters (1) 5

Driver tapering factor ( f) 4.58
Minimum inverter PMOS channel width (W) 1.46 pm
Minimum inverter NMOS channel width (W,,) 0.3 um
Inverter transistors channel width (L) 0.35 um
Driver propagation delay (¢4) Ins
Driver output fall-rise time () 387 ps
Driver power losses (Pgriver) 3.4mW

5 mA, output current becomes saturated and just and slightly increase until 51.8 mV
occurs at I, = 10 nA.

Figures 6.18 and 6.19 present the area distribution and the power losses break-
down corresponding to the selected design to be implemented.

Regarding power losses, a reduction of the inductor conduction losses is observed
when compared with the classical Buck results. However, roughly, they are still a
third of total losses. In respect to transistors and drivers power losses, it is observed
that the equilibrium found between the PMOS and NMOS power switches for the
Buck converter case is no longer kept for the four switches corresponding to the
3-level converter design. This could be caused by the use of different transistors
technologies in the drivers implementation.

On the other hand, some kind of balance between overall switching and conduc-
tion losses corresponding to power switches is found: 14.7 and 12.6 mW, respec-
tively.
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Table 6.7 3-level converter P, and N, power switches (and drivers) optimized design

characteristics

P> (core Low-V; transistors) and P,-driver design

MOSFET channel width (Wpoyer_m0s)
MOSFET channel length (L power_mos)
On-resistance (R,;)

RMS current (/p,)

Conduction losses (Pond)

Resistive switching losses

Driver number of inverters (1)

Driver tapering factor ( f)

Minimum inverter PMOS channel width (W),)
Minimum inverter NMOS channel width (W,,)
Inverter transistors channel width (L)
Driver propagation delay (z7)

Driver output fall-rise time ()

Driver power losses (Pgriver)

N; (core transistors) and N,-driver design

MOSFET channel width (Wyoyer_m0s)
MOSFET channel length (L power_mos)
On-resistance (R,;)

RMS current (/y,)

Conduction losses (P.ond)

Resistive switching losses

Driver number of inverters (1)

Driver tapering factor ( f)

Minimum inverter PMOS channel width (W),)
Minimum inverter NMOS channel width (W,,)
Inverter transistors channel width (L)
Driver propagation delay (z7)

Driver output fall-rise time ()

Driver power losses (Pgriver)

6123.5pum
0.3 pm
0.66 Q
63.1 mA
2.6 mW
0.6 mW
5

9.01
0.63 um
0.3 um
0.25 pm
0.79ns
357 ps
2mW

3747.7 pm
0.25um
0.29 @
101.2mA
2.8 mW
0.4 mW

3

15.93
0.63 pm
0.3 um
0.25 pm
0.94 ns
580 ps

1.1 mW

Table 6.8 3-level converter power switches optimized design overall characteristics

Power switches overall information

Capacitive switching losses

Total switching power losses (Py,,)
Total conduction power losses
Total power losses

Total occupied area

2.3 mW

14.8 mW
12.5mW
27.3 mW

0.022 mm?

As in the classical Buck case, power losses on capacitors appear to be much
lower than in the rest of the converter components. They are almost null for the
output capacitor, although the become higher for the C, capacitor due to its higher
RMS current value, and its higher ESR.

Regarding area distribution, a very important imbalance is observed between
the capacitors area and the inductor area. Since power efficiency is an increasing
function of the inductance value when the converter is DCM operated (as exposed
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Fig. 6.17 Output voltage ripple of the implemented 3-level converter design (Fig. 6.13f), as a
function of the output current
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Fig. 6.18 Power losses distribution of the selected Buck converter design (for 7, = 100 mA)

by Figs. 6.1, 6.2 and 6.3), it is somehow surprising that a design with a higher
inductor value is not selected. The reason for this can be observed in Figs. 6.13
and 6.14, where all the optimum designs present the maximum possible inductance
value (provided that all the designs yielding CCM operation are precluded).

Thus, it would be possible that a better design was found in the CCM zone,
particularly, for the I, = 100mA condition. Nevertheless, the optimum switching
frequency modulation as a function of the output current is difficult to be stated for
the CCM operation. This precludes to foresee the evolution of the output ripple as a
function of /,,, and even to know at which point the CCM operation would become
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C, and C, capacitors (5.07 mm®)

P1 and driver (5489 pm?)

N1 and driver (4819 um?)

P2 and driver (7576 pm?)

N2 and driver (4159 umz)

Inductor (2.26 mmz)

Fig. 6.19 Power losses distribution of the selected Buck converter design

DCM. That is the reason why all the CCM points were excluded from the design
selection at the final stages of the 3-level converter design space exploration.

In respect to the transistors design, no apparent balanced distribution is observed.
At this point, it is interesting to say that for a particular design space point (this
is, a particular (L, fs, C,, Cy) set of design variables), several different transistors
designs were obtained from the optimization by means of genetic algorithms. Since
all of them presented very close values of power losses, it seems that the five-
dimensional space made up by the four transistor channels lengths plus the their
total power losses presents a minimum zone relatively flat (although different from
each other, all the found values where in a relatively narrow range).






Chapter 7
3-Level Buck Converter Microelectronic
Implementation

Abstract This chapter covers the microelectronic design and implementation of the
3-level converter design obtained in Chap. 6. The implementation of such design not
only requires the integration of the reactive components and the power switches and
drivers, but also includes the additional circuitry required to obtain the appropriate
DCM operation.Therefore, the first section covers the design of all the required
control circuits (which in this work are called as the secondary control loop). These
include the implementation of two different control loops to assure near ideal dead-
time switching, as well as the turn-off of the NMOS switches at zero inductor
current. Additionally, the building blocks to generate all the required switching
signals are also exposed. For all the presented circuits, the corresponding layout
design is provided. In the second section, details about the power components layout
are explained. Finally, the third section presents transistor-level simulation results
from the complete developed system (including the power converter itself and the
required control circuits), as well as the general layout distribution.

7.1 Secondary Control Loop

The microelectronic implementation of the 3-level converter design determined in
Chap. 6 is based on the implementation of two different parts. The most obvious is
the converter itself (inductor and capacitors, as well as power switches and drivers),
whereas the second one contains all the complementary circuits that control the con-
verter behavior to approach the expected ideal operation, particularly its switching
performance. All these complementary circuits are what, in this work, is called the
secondary control loop, to distinguish it from the conventional control loop, that
acts on the duty-cycle of the control switching signal in order to get the required
performance from the converter, usually output regulation or tracking. This is, the
main target of the secondary control loop is to approach the converter operation
to its ideal switching behavior, which is assumed by the system-level control loop
designer.
In this sense, three important issues must be addressed:

e All the switching signals generation, required for the 3-level converter operation.
Because of the DCM operation and the use of synchronous rectification, different
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DOI 10.1007/978-1-4419-8843-0_7, © Springer Science+Business Media, LLC 2011



198 7 3-Level Buck Converter Microelectronic Implementation

switching signals for both power PMOS switches, as well as for both NMOS
switches are required separately. Moreover, an additional signal is required to
identify in which half of the whole switching period the converter state is (as will
be explained afterwards).

e Because of the synchronous rectification scheme and the DCM operation, NMOS
switches must be turned-off when the inductor current reaches 0. Thus, specific
circuitry to detect this condition is required.

e In order to reduce the switching power losses, optimum dead-time should be
applied between the PMOS turning-off and the NMOS turning-on. In the remain-
ing transitions, no optimum dead-time is required because the DCM operation
splits this action by means of the inactivity states (7} and T).

In Fig. 7.1, the ideal waveforms of the most representative signals corresponding
to the 3-level converter are depicted. The secondary control loop should be in charge
of achieving that ideal switching behavior. In the figure, some important delays,
required in the s and s, signals generation, are highlighted in gray. As explained
afterwards, these delays are required for other parts of the circuitry to work.

Apart from these main functions, other interesting functionalities should be per-
formed by the secondary control loop, such as to short-circuit the inductor during the
inactivity states, to suppress inductor current and x-node voltage noisy oscillations
due to the resonance between the inductor and x-node parasitic capacitances.

In Fig. 7.2, a block diagram is exposed that not only shows the building blocks
corresponding to the secondary control loop, but also the signals that interact with
the power plant.

As it can be observed, many signals between each block of the secondary control
loop (in light gray in the figure) are required to achieve the desired functionality.
Also, many signals are used to interact with the power plant. Although the details
on the power plant implementation will be provided in the next section, in the fol-
lowing, a brief explanation list of the input and output signals of the power plant is
provided:

e V, — Converter output voltage.

e Vx — x-node switching voltage.

e ndP;, ndP, — Input switching signals of the power drivers corresponding to P;
and P, power switches.

e dnNj, dnN; — Input switching signals of the power drivers corresponding to
N1 and N, power switches.

e dPy, dPj, dN1, dN, — The four power MOSFET’s gate voltages.

e Va, Vg — C, capacitor terminals voltages.

e CCq, CC,y; — Signals used to act on 2 NMOS transistors that short-circuit the
converter inductor along the inactivity states.

Only 3 external signals are required in order to drive the whole system:

e CLK — An square signal used to determine the converter switching frequency.
It must have double of the target switching frequency.
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Fig. 7.1 Ideal waveforms of the most significative control signals of the 3-level converter, related
to v, and iy, signals

e Ipias1 — Input current used to generate the threshold voltage of an NMOS tran-
sistor in the i;, = 0 condition detection block. Its value should be around 10 LA,
although it is not a critical value.

e Ipias p — This current is used to determine the duty cycle of the PMOS switches
control signal. In order to obtain V,, = 1V, its value should be around 14 pA.

In the following sections the functionality of each building block corresponding
to the secondary control loop will be explained, and their schematics provided, as
well as the corresponding transistor-level simulation results.
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7.1.1 Variable Duty-Cycle Generation of the Switching Signal

The main function of this block is to generate an square signal at double of the
needed switching frequency, and with variable duty-cycle, in order to stablish the 7}
and T3 states duration (this is, the PMOS power switches control signal). A single
circuit working at double of the converter switching frequency is desirable to assure
that the same duration for 77 and T3 states is obtained.

The functional scheme of its microelectronics implementation can be observed
in Fig. 7.3

delay

CLK

M1 }——{ M2 ™C

Fig. 7.3 Microelectronic implementation of the circuit that allows to adjust the duty-cycle of the
PMOS power switches control signal

The circuit operation is straightforward: the input C LK signal is delayed and
inverted by a chain of inverters (compressed in the figure as the single inverter U 1),
and the output of the NAN D gate is used to charge the C capacitor to the battery
voltage each period of the CLK signal. Then, the capacitor is discharged by the
current mirror composed by transistors M1 and M2, being the discharge current
imposed by the Ip;4s_p input current. A chain of inverters (compressed in the single
inverter U3) is used as a voltage comparator of the V¢ signal, which allows to obtain
an square output signal, at double of the switching frequency and variable duty-cycle
(D_CLK).

According to the previous explanation /45 p should be considered as the input
control signal, which should provided by the primary control loop.

Figure 7.4 shows the most representative signals of the circuit operation, obtained
from post-layout simulations (i.e. including all the parasitics from the layout
design). The described functionality can be clearly observed. It is noted that the
delay of the U1 chain of inverters is not critical, but it should just assure that there
is enough time to fully charge the capacitor.

The variation of the D_CLK low-state duration has been studied as a function
of the Ip;4s_p input current. Being the C value of 21.6 fF, and the supply voltage
of 3.6V, a low-state duration of 191.5 ns was achieved for I};,s p = 500nA, while
4.91 ns was obtained for an input current of 32 LA. The corresponding post-layout
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Fig. 7.4 Post-layout simulation results of the D_CLK generation block

simulation results can be observed in Fig. 7.5. The obtained span is considered to
be appropriate for its application to the 3-level converter implementation, according
to the characteristics exposed in Table 6.3.

Finally, the layout corresponding to this block can be observed in Fig. 7.6. Most
important components such as the capacitor, the current mirror, the inverter used to
cause the signal delay and the NAND gate, are highlighted by black rectangles.

7.1.2 Py, P> and s Signals Generation

This circuit is designed to generate the switching signals corresponding to the
PMOS power switches: P and P, (which, as such, are active by low-level). Mainly,
the input signal is D_CLK, which has double of the switching frequency and the
desired duty-cycle. Thus, this block should toggle the D_CLK pulses alternatively
towards the P; or the P, corresponding power drivers. The respective inverted sig-
nals P; and P, are required too.
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In addition to this, the circuit must generate the s signal which is a 50% duty-
cycle square signal. Its frequency is the same as the switching frequency, and is used
to distinguish between both halfs of the switching period. This is, its value should be
high during the 77, 7> and T3/ states, and low during the 73, 7, and Tl’ . Furthermore,
its transitions should occur slightly later than those corresponding to the P; signal
fall edges (as observed in Fig. 7.1), because it is required for other circuital blocks.
The corresponding inverted signal s; is also generated in this block.

Figure 7.7 depicts the scheme corresponding to its microelectronic implementa-
tion. Regarding to the s signal generation, the circuit is based on the action of two
latches (U1 and U2) that are connected in a ring formation by means of the U3
inverter. Since U1 is enabled by high-level whereas U2 is low-level enabled, the
obtained functionality corresponds to a Toggle flip-flop activated by the falling-edge
of the D_CLK signal. The output of the U2 latch is considered to be the s signal,
and s; is obtained from the output of U3. The non-inverting buffers U4 and U5
are used to generate the desired delay on the s and s; signals, as well as to buffer
them since in the layout implementation long distribution lines for these signals will
be required (as it will be shown afterwards). Hence, these buffers present and even
number of tapered inverters.

The generation of P;, P> and their inverted signals, is based in the same idea.
However, NOR functions between the corresponding outputs of the Toggle flip-flop
(composed by U7, U8, U9, U10), and the D_CLK signal are required, since the
low state duration from the later must be maintained when generating P; and P».
In this case, inverters U11, U12, U15 and U 16 are needed not only to invert the
signals, but to buffer them.

In Fig. 7.8, post-layout simulation results are exposed. Not only the required
signals generation is clearly observed, but also the required delay between the falling
edges of P; and P,, and the s and s, signals changes.

To finalize, the layout design corresponding to this circuital block is exposed in
Fig. 7.9 (in this case, top metal layers routing supply lines have been removed from
the image for the sake of clarity). In the figure, the most important parts of the circuit
have been highlighted in black boxes.

7.1.3 dnN1 and dnN; Signals Generation

This block is intended to generate the switching signals that act upon the NMOS
power switches gates (by means of their corresponding gate drivers), which finally
are dnNj and dnN; (see Fig. 7.2). When implementing a DCM operated syn-
chronous rectified 3-level converter, it is necessary to turn-off the NMOS power
switches when the inductor current becomes zero, in order to prevent it to reverse,
which would reduce the converter output voltage, and increase both switching and
conduction losses. This is due to fact that a MOS transistor is a bidirectional switch
which does not turn-off automatically as its current is reversed, like diodes do. Just
to sum up, note that the duration of the 7, state must be estimated by the circuit in
order to turn-off the NMOS switch when i; = 0.
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Fig. 7.7 Microelectronic implementation of the circuit that generates de PMOS power switches
gate signal, as well as the s signal, which is used to identify which half of the switching period is
currently on

In fact, two equal blocks are used to generate independently both switching sig-
nals. Therefore, just one of the blocks will be described here, and just their input and
output signals must be accordingly changed. Figure 7.10 shows the microelectronic
implementation of this block. In this case, the presented block is the one used to
generate dnNj.
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Fig. 7.8 Post-layout simulation results of the Pj, P, and s generation block

The dashed grey box includes the core of the circuit. This simply makes use
of input signals about the PMOS switches states and which half of the switching
period is currently on to generate the N signal (all of them obtained from the block
described in Sect. 7.1.2), which is the base of the desired dnN;.

Additionally, information is required to know when the inductor current becomes
zero (i, = 0) after a current pulse. Although many considerations on this subject
will be provided in another section, here the corresponding part of the circuit will
be explained. The main idea is to apply a bidirectional current on the capacitor C to
generate a voltage triangular shape that acts as an observer of iy . Therefore, as soon
as the voltage ramp goes back to zero (as the inductor current does), the N transistor
should be turned-off. Consequently, M1, M2, M3 and M4 transistors implement a
bidirectional current source that outputs a current which is coarsely related to v,
and V,, voltages. Hence, a coarse observer of the inductor current is obtained.

If the o-power model of the MOS transistor is used, the following derivation can
be applied to this case.
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Fig. 7.9 Layout design corresponding to the circuit that generates the Py, P> and s signals

Fig. 7.10 Microelectronic implementation of the circuit that generates the NMOS power transistor
switching signal dnN;
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e The current injected by the saturated M1 and M4 transistors is called /1 and /5,
respectively. Considering that both transistors are of the same type and size:

I =k(Vy = Vin)* (7.1)
L =k(V, — Vrn)© (7.2)

e Thus, the current applied on the capacitor along 77 is I1 — I, and /> during 75.
e Considering a very high output impedance for the current source, two linear volt-
age ramps result from the current integration in the capacitor (Vygmp)-

k(Ve — Ven)® — k(V, — Vin)©
or1 (1) = ( ™) - ( ™) 73)
—k(V, — Vin)“
vra(t) = % (7.4)

e Since the voltage should return to its initial value at the end of 7> (as i does):

k(Vy = Vin)* — k(Vo — Vin)* k(Vo — Vin)“®
T, =1

7.5
C C (7.5)
And the inferred 7> duration is:
Vi = Ven)® — (V, — Vin)®
T = Tl( v = Vn)® — (Vo — Viw) 7.6)

(Vo — Vin)*

e Finally, if it is considered that for deep-submicron technologies the « value is no
longer 2 but it becomes closer to 1, and low-Vr transistors are used; it results that,
very coarsely, the voltage ramp on the capacitor approaches the inductor current
ramp (provided that low output ripple is considered), and the 7 duration can be
aproximately determined:

Ve =V,
=T % (7.7)
o

The following step is to detect the zero crossing of Viqmp. In order to achieve
that, the U2 inverter is used as a voltage comparator. This is a very compact and
very fast (which is required in the present application) voltage comparison struc-
ture, together with the M6 transistor. Basically, the M6 short-circuits the input and
output of the inverter during a pre-charge phase (here, it is periodically carried out
any switching cycle, along the 7 state). During the pre-charge phase, both inverter
input and output reach the inverter threshold voltage (which implicitly becomes the
voltage reference of the comparison). Thus, an increase of V,4;, from that point
sets the comparator output to low, and when V,,,, decreases and crosses its initial
value, the output of U2 becomes high. The inverter U3 is used just to sharpen the
comparator output.

Figure 7.11 clearly shows the described functionality.
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Fig. 7.11 Capacitor voltage ramp generation and voltage comparator operation

The M5 switch is just intended to window the current source application on the
C capacitor along the 73, T> and T { states (see Fig. 7.1).

As previously mentioned, the V.4, voltage just acts as a coarse observer of the
inductor current, precluding the precise turn-off of the NMOS power switches at the
iz = 0 moment. Inevitably, the 7> duration estimation must be adjusted to allow
such an accurate action.

As it will be explained in another section of this chapter, it is proposed to sense
some converter signals so as to observe whether the NMOS power switches are
being turned-off at the iy = O condition. This information is stored in the V1
voltage (for the case of the N1 power switch), which modifies the output current of
a bidirectional current source composed by M 10 and M11. As a consequence, the
slope of Vyqmp along the T state is accordingly modified to adjust the right 75 state
duration. The purpose of U1 and M8 is to restrict this current adjustment to the 75
and T states.

Finally, the scheme of Fig. 7.10 shows that once the N; signal is generated, it
is applied to the starving inverter U8. The purpose for that is to adjust the delay
of the falling edge of the signal sent to corresponding power driver (dnNy). This
delay adjustment depends on the Vy; gp; voltage, and its purpose is to obtain
ideal dead-times between the P; turn-off and the N turn-on, in the 7y — T»
transition. It must be observed that the dnNp signal is inverted in respect to the
N signal, because of the odd number of inverters of the corresponding power
driver.

Figure 7.12 exposes the post-layout simulation results of the described circuitry.
Although the input signals (P, Vi and V,, in the figure) have been generated by
means of ideal voltage sources, the expected functionality can be clearly observed
in the most significative generated signals (U3 out, N1, dnNy and V;4mp). In the
simulation: Vg1 = 1.52V and V¢ _pp1 =2 V.
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Fig. 7.12 Post-layout simulation results of the circuit that generates the dnN; signal

Two particularities around the voltage comparator operation are observed:

e During the pre-charge phase, the comparator reference voltage causes the out-
put of the U3 inverter to go high; however, this does not affect the N; signal
generation.

e The fast response expected from such implementation of a voltage comparator,
which causes an input-to-output delay of just 945 ps.

In Fig. 7.13 the variation of the time at which N signal goes low (this is, the N}
power transistor turn-off action), can be observed as a function of the V1 voltage.
In this case a sweep of several V| values has been carried out.

To clearly show the dependence of the 7 state duration modification as a func-
tion of the Vp,1 voltage, it is exposed in Fig. 7.14. The results have been obtained
from the transient waveforms of Fig. 7.13: T, duration is approximated by the time
from the V,4mp voltage peak, until the falling edge of the U3 output occurs. A wide
range of values (2.18 ns — 14.3 ns) with a 750mV span is observed, and although
the dependence becomes highly non-linear, it is monotonic.
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Fig. 7.13 Transient simulation that shows the variation of the duty-cycle of the dn N signal as a
function of the V1 voltage (post-layout simulation results)
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Fig. 7.14 T, duration vs. Vjp, voltage characteristic. The results are extracted from the transient
simulation of Fig. 7.13

Finally, Figs. 7.15 and 7.16 show the propagation delay between Nj and dnN;
signals due to the M7 starving transistor gate voltage Vy,_gp1. Figure 7.15 presents
the transient waveforms of both signals, while Fig. 7.16 depicts the delay character-
istic as a function of the Vy,_pp1 voltage. In the later one, it is observed the increase
of the delay sensibility as the Vy, pp1 voltage increases close to the Vyg — Vrp
voltage, which results in M7 transistor turn-off. Below the V¢; pp1 = 2.5V limit
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Fig. 7.15 Transient simulation that shows the variation of the delay between N and dn N signals
as a function of the Vy;,_gp1 voltage (post-layout simulation results)
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Fig. 7.16 Delay vs. Vs, pp; voltage characteristic. The results are extracted from the transient
simulation of Fig. 7.15

(not shown in the figure), the delay is almost no further reduced since M7 supplies
current enough to not affect the propagation delay.

The developed layout corresponding to this circuital block can be observed in
Fig. 7.17, where the dimensions are noted and the most significative components
are highlighted by means of black boxes.
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Fig. 7.17 Layout design corresponding to the circuit that generates the dn /Ny signal

Although in this section the details on the dn N signal generation circuit have
been provided, an identic block is used to generate the dnN, signal and just the
input and output signals are accordingly changed. In Fig. 7.18 the right connection
scheme is provided.

Fig. 7.18 Microelectronic implementation of the circuit that generates the NMOS power transistor
switching signal dn N>
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7.1.4 i = 0 Condition Feedback Loop

In the previous section the circuit-level generation of the signals that cut off the
NMOS power switches at the end of the 7> state has been presented. In both Figs.
7.10 and 7.18, a voltage-controlled current source is used to modify the duration of
the T state, in order to accurately cut off the corresponding NMOS transistor at the
time instant at which the inductor current is zero.

Nevertheless, here the main issue is to determine the appropriate value of the V1
and Vyp; voltages. In other words, it is necessary to detect the iy, = 0 condition,
and if the system is doing it right or not.

In case of an implementation similar to the proposed in the previous section, a
manual adjustment of the Vi1 and Vypo voltages would do the job, however this
presents the obvious disadvantage of having to adjust any different chip, because of
the component tolerances. Furthermore, even in case of the same physical imple-
mentation, the 7> state duration might change for different application parameters.

Thus, some kind of automatic detection of the i; = 0 condition is required.
Different approaches can be used to implement this, based on the direct or indirect
detection of that condition:

1. The most obvious proposal is to sense the inductor current by means of a mag-
netic field sensor, because of the proportional relationship between the inductor
current and the generated magnetic field that stores the inductor energy. The main
drawback of this solution is that, in a fully integrated environment, it is difficult
to implement a magnetic field sensor (specially in standard CMOS processes).

2. Another more feasible way to sense the inductor current is by the series con-
nection with the inductor of a low value resistor. This produces a voltage drop
across the resistor proportional to the inductor current, that could be sensed by a
differential amplifier. The main drawback of this sensing method are the joule-
effect power losses across the resistor, which can not be extremely low because
its voltage must be sensed.

3. A similar approach to the previous one is based on the use of the parasitic on-
resistor of the NMOS power switch, to sense the voltage across it (vgs) [105].
Two main advantages appear with this approach: no additional resistance is
added to the inductor current path (which avoids to increase the power losses);
and voltage sensing becomes easier, since the source of the NMOS transistor is
directly connected to ground. However, the value of the parasitic on-resistance
of the NMOS power switch is more difficult to estimate.

4. More complex i; = 0 detection systems require the implementation of some
kind of observer, in order to reproduce the inductor current waveform without
adding additional resistance to the current path, but with a more accurately deter-
mined resistor value [25, 29]. Their main drawback is the requirements of the
needed voltage amplifier, in terms of bandwidth, offset and gain.

All these current sensing methods are somehow based on the inductor current
waveform reproduction, which may become very interesting when implementing
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some kinds of primary control strategies. However, all of them share two important
implementation limitations:

e An important source of error in the aforementioned current sensing methods is
the delay between the time at which iy reaches the zero value, and the NMOS
power transistor is switched-off. This is, even when the current waveform is
reproduced without any delay, a comparator (with a non-zero input-to-output
delay, 4 comp) is needed to act the corresponding driver, which additionally
presents its own propagation delay (#7).

The error committed in this action can be straightforward calculated:

V,
Error;, = Ta(td + td_comp) (7.8)

According to the characteristics of the design selected in the Sect. 6.3: 'V, = 1V,
L =26.73nH, t; = 0.79 ns (the N, power switch) and supposing fg_comp = 1 ns.
This results in an error of 67 mA (supposing and offset-free amplifier-comparator
combination), which is about 32% of the maximum inductor current.

Thus, it is observed that stringent specifications for the corresponding micro-
electronic designs are required. The effect of the propagation delay on the
error committed in the iy = O condition detection can be clearly observed
in Fig. 7.19a.

e Another source of error in the i; = 0 detection in the methods that sense the
current through a resistor (may it be explicitly added, or from the power switch)
is the equivalent input offset voltage (V,pse;) of the voltage comparator (and the
eventually needed amplifier). Due to the desirable low value resistors (R;) used
here, low voltage drops are expected in the current sensing resistor, which might
be in the order of the input offset of the voltage comparator. Then, the resulting
error committed when attempting to detect the i; = 0 condition can be evaluated
as follows:

\7
Error;, = ;{m (7.9)
s

If Ry = 0.31Q (from the N power switch), and Ve, = 10mV (which is a
reasonable value if a high speed comparator is designed), then the resulting error
in the i = 0 detection would be of 32.3 mA. Again, this value is considerably
high when compared with the expected maximum inductor current. Figure 7.19b
conceptually shows this error source.

For all these reasons, in this work, a different method to adjust the 7> state
duration, so as to switch off the corresponding NMOS power transistor when the
inductor current reaches 0, is proposed.

The method is based on the x-node voltage observation, since this voltage
presents two clearly different behaviors depending on the inductor current sense
at the time instant of the power NMOS switch-off.
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Fig. 7.19 Error mechanisms in the i; = 0 condition detection, by means of current sensing and
comparison: a due to the propagation delay through the voltage comparator and the power driver;
b due to the input offset voltage of the comparator

i, > 0 — If the NMOS power transistor is switched off before the inductor current
reaches the zero value, the inductor current discharges all the parasitic capaci-
tances connected at the x-node, and hence the v, voltage continues decreasing
until the parasitic body-diode (from the body-source PN junction) is turned-on
and the inductor current passes through it. With the v, reduction, the decreasing
slope of the inductor current becomes faster. When the inductor current becomes
zero, the parasitic diode is turned-off and the inductor would start to resonate
with the x-node parasitic capacitor (this is an issue that will be treated in another
section). The expected behavior can be observed in Fig. 7.20a.
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Fig. 7.20 a The body diode of the NMOS power switch turns-on as a consequence of a prema-
ture cut off of the power transistor (i; > 0). b The inductor current charges the x-node parasitic

capacitor and a positive voltage pulse appears in v, voltage, as a consequence of a late cut off of

the power transistor (i, < 0)
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As observed in the figure, a negative pulse in the v, voltage appears at the end of
the 7, state provided that the power transistor is cut off before the inductor cur-
rent becomes zero. The peak value of the negative voltage pulse is approximately
the forward voltage of the parasitic body diode.

i, < 0 — In case of switching off the power transistor too late (when the inductor
current sense has been reversed), the x-node parasitic capacitor is charged and a
positive voltage pulse appears in vy, whose value is greater than the V,, voltage.
Once again, this is the consequence of the resonance between the inductor and
the parasitic capacitor. Figure 7.20b clarifies this behavior.

The magnitude of the positive pulse is always higher than the V, voltage, and
depends on the Error;, value (among other parameters).

Therefore, two different events can be observed in the x-node voltage depending
on a premature or late switching-off action of the NMOS power transistor, that if
properly processed can be used to adjust the voltage that controls the current source
of the circuits of Figs. 7.10 and 7.18. In fact, just one event can be clearly identified,
since the x-node resonance is expected to appear in any case (because of the x-node
resonance) but, as it will be explained later, it is enough to develope the proposed
adjustment system.

The main consequence of the previous discussion is that the proposed method
avoids to directly detect exactly the moment at which iy = 0 is zero. Instead of
that, it is easier to detect whether the system operation is appropriate or not, and to
determine the sense of the required correction on the adjustment voltages (Vpp1 and
Vip2).

Consequently, a circuit has been developed to recursively adjust both Vi1 and
V¢p2 voltages. This must be carried out independently for any voltage, since many
different parameters may impact on the exact time instant when iy, = 0. This is, the
parasitic transistor resistance, the power driver designs, the voltage supply of the
power drivers, the different kinds of transistor used to implement N and N, and
many others determine the exact duration of 73 at each half of the switching period.

The main concept that relies under the design is to detect if any of the aforemen-
tioned events occur along the switching cycle, and then, a certain amount of charge
is injected or discharged to a capacitor that holds the corresponding Vs, voltage (as
an analog memory cell). This is easily done by means of the parallel connection of
this capacitor (C ), and two different smaller capacitors which are pre-charged to
ground or to the supply voltage. Hence, the voltage of the C j, capacitor is modified
by discrete increments (positive or negative) any time that one of both observed
events appear in the vy voltage.

This functionality is depicted in the Fig. 7.21. The signals H; and H» can take
binary values to indicate whether one of the events took place at the end of the
last 75 state. Although it has been particularized for the Vg voltage, an identical
counterpart should exist to modify V).

In order to properly correct the 75 state duration, if the NMOS is cut off when
the inductor current is still positive (H; = 1), then the C4; capacitor (pre-charged
to the ground voltage) is parallel connected to the Cyp1, 50 as to decrease its voltage,
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Fig. 7.21 Conceptual functionality of the circuit that controls the Vp; voltage

which finally increases the 75 duration. On the other hand, if the inductor current
is already negative (Hy = 1) when the NMOS transistor is switched off, the circuit
operates to increase the Vp,1 voltage to decrease the 75 duration.

The detection of both different events has a time discrete binary quantification:
they just may occur or not along any switching cycle. As a consequence, the dynam-
ics of such a feedback control loop, depends of the gain between the Vp»1 and
the 7> duration modification (which is non-linear, as observed from the circuit of
Sect. 7.1.3), and the relationship of the 3 capacitors of Fig. 7.21. Expression 7.10
determines the evolution of the Vi1 voltage for any switching period.

CaGndHy + Cp1 Vip1 (n) + Cp Vpar H
CaHi + Cp1 + CpH>

Vpi(n + 1) = (7.10)

When designing the capacitors values, several considerations should be taken
into account:

e First of all, the C4; capacitor should be larger than Cp; since the positive pulse
on the v, voltage is expected to occur almost for at any switching period (due to
the inductor resonance). On the contrary, it is sure that negative pulses will only
appear if iy, > 0.

e The relationship between the C 41 and Cp; capacitors determines the minimum
voltage attainable by the Cpp,1 capacitor (7.11).

VbarC1
Vv n=—— 7.11
fbl_min Cai + Cp ( )

e The larger the C41 and Cp; capacitors (in front of Cpy), the faster the loop
response. Unfortunately, the steady state will be stablished in a periodic behavior
surrounding the optimum value, resulting in suboptimum transistor switchings.
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Additionally, the dynamics is also affected by the relationship between C4; and
Cp1, since both events may occur at the same switching period.

e The Cpp capacitor is connected to the voltage supply (Vp,) rather than the
ground, because this assures the NMOS transistor commutation (although sub-
optimal), at the startup of the circuit.

In Fig. 7.22, several MATLAB simulations showing the V1 evolution for differ-
ent values of the capacitors are presented. Since the simulation does not take into

1.8
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Fig. 7.22 Vy,;, evolution for 3 different sets of capacitors values, being the initial voltage 1.8 V:
a the target voltage is V;, —o = 1 V; b the target voltage is V;, —o =2.5V
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account any switching converter, an arbitrary voltage value has been set (V;, —o =
1V and V;,—g = 2.5V) to establish whether the i;, value at the switching moment
is positive or negative.

From the results of Fig. 7.22 the values for each capacitor were selected: C yp =
5pF, C4 = 200fF and Cp = 50fF.

To detect both expected events at the end of the 75 state, a single MOS transistor
is used as a voltage comparator. From its static Igg = f(Vg,) characteristic, any
MOS transistor can be used as a voltage comparator, current (I4) iS zero or not,
depending on whether the gate-to-source voltage is below or above than the thresh-
old Vr. Thus, the input voltage is the Vg difference, while the implicit voltage
reference is its threshold. This approach yields a very fast and compact voltage
comparator, even though the voltage threshold is not easily determined. Fortunately,
in the proposed application this is not critical, since the negative pulses to detect are
expected to present a peak value equal to the forward bias voltage of a PN diode
(which should be higher than V7, specially for low-Vr transistors). In case of a
positive overshot, it is also expected to be greater than V,, + V7. Additionally, the
threshold voltage can be pre-compensated in order to drop the voltage reference
down to zero.

Based on all these operating concepts, the finally developed circuit is depicted
in Fig. 7.23. It is observed that some parts of the circuit are replicated for every
adjustment voltage control.

Transistor M4 is used to detect the negative pulses in v, due to a premature power
transistor cut-off, and its threshold voltage is pre-compensated by the M2, M3 and
M5 current mirrors. M1 is in charge to restore the drain of M4 to the supply voltage
at any switching period, to allow the detection of the corresponding event, since the
drain of M4 goes low when a negative pulse is detected. Signals A and A; are used
to window the events detection by means of controlling the voltage supply of U4
and U6 inverters, which in turn control the connection of capacitors C 41 and C 43
to Cpp1 and C fp).

Regarding the detection of positive pulses, a similar circuitry is used. M 13 acts
as a voltage comparator between v, and V, + Vrp, and M 14 is used to discharge
its drain node down to ground, to allow a subsequent detection. Then, the pulse
detection is windowed by the signals A; and A, and U9 and U 11 inverters, which
control the connection of capacitors Cp; and Cps.

The pre-charge of Ca1, C42, Cp1 and Cpa, is carried out by the corresponding
P1 and P, signals (and their inverted counterparts), along the 7 and the 73 states.

In Fig. 7.24, transistor-level simulation results are presented: the proposed circuit
is applied to the designed 3-level converter. As it can be observed, the circuits inde-
pendently adjust the Vpp1 and Vp; voltages, to reduce the error committed in the 75
duration estimation. In this case, the initial value of both feedback voltages was set
to half the input battery (1.8 V). The same periodic behavior around the optimum
value observed in the MATLAB simulations also appears here, resulting in a certain
error in the 7> duration estimation.

In Figs. 7.25a and 7.25b, details on the v, voltage and the inductor current are
provided, namely at the beginning and at the end of the feedback loop adjustment
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Fig. 7.23 Scheme corresponding to the microelectronic implementation of the circuit in charge of
adjusting the V1 and Vypo voltages

process. The power NMOS gate-to-source voltage is also depicted to show the
moment at which the power transistors are switched-off.

As observed in the details in Figs. 7.25b, the 7> duration has been corrected
until the current values (at the switching-off moment) of 6.6 and 8.6 mA for the
dN1 and dN, signals, respectively. In contrast, at the beginning of the simulation
where the the correction voltages (V1 and Vyp2) have not been adjusted, the induc-
tor current values at the time instant of switching-off the NMOS transistors are 37
and 47 mA, respectively. Therefore, the feedback loop is able to compensate many
of the unknown parameters that may impact on the exact 7> state duration, such
as the power drivers propagation delay (¢;), the exact inductor value, the parasitic
resistances in the inductor current path, etc...



7.1 Secondary Control Loop 223

2.6 1

2.4+ 1

Vibt & Vipz (V)
N

1.8+ W 1

. IR PR R R R R

1.2¢ 1

1 ; ; ; ;
0 1000 2000 3000 4000 5000
t(ns)

Fig. 7.24 Transistor-level simulation results of applying the proposed circuitry to control the power
NMOS cut-off action on the designed 3-level converter
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Fig. 7.25 Results of the Vi1 and Vypo adjustment by means of the feedback loop, on the vy
voltage and the inductor current: a when the voltage is still to be adjusted; b after the feedback
loop correction

The precision on the final results could be increased be reducing the values of
Ca1, Caz, Cp1 and Cp; capacitors to reduce the voltage steps on the Vy1 and Vyp,
voltages. Unfortunately, this would also increase the setting time of the feedback
loop.
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Fig. 7.26 Layout design corresponding to the circuit that adjusts the V1 and Vo voltages to
properly switch-off the NMOS power transistors at the time of iy = 0

In Fig. 7.26 the designed layout for this circuital block is presented. The capaci-
tors used to modify the correction voltages are highlighted by black boxes, although
the much larger Cp1 and Crpo capacitors have not been included to allow a better
observability of the layout view. The largest element that is observed in the figure is
the M6 transistor used as a MOS capacitor to filter the switching noise introduced
in the M4 gate. Also both transistors used as a voltage comparators (M4 and M 13)
have been marked with black arrows.

7.1.5 Dead-Time (tpp) Adjustment Feedback Loop

This functional block is intended to avoid the body-diode conduction as well as the
current shot-through.

The body-diode conduction is due to an excessive dead-time between the power
PMOS switching-off, and the corresponding NMOS switching-on actions. During
this transition, the inductor current has its maximum value and the simultaneous
off-state of both power switches forces the inductor current to discharge the x-node
parasitic capacitor until the parasitic body-diode of the NMOS power transistor
is forward biased and conducts the inductor current. Obviously, this increases the
power losses in front of the synchronous rectification operation expected from the
NMOS power switch.

On the other hand, a too short dead-time (or even negative) may result in cur-
rent shot-through. Mainly, this is due to the simultaneous conduction of both power
switches which causes a short-circuit of the input battery or the C, capacitor (in
the 3-level converter case). Once again, this can dramatically reduce the power effi-
ciency, and even damage the input battery.
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Consequently, an ideal operation requires to adjust the dead-time so as to separate
the PMOS switching-off and the NMOS switching-on actions, just the precise time
to allow the inductor current to discharge the x-node parasitic capacitor until its
voltage equals the voltage-drop due to the on-resistance of the NMOS power tran-
sistor, thereby producing a zero-voltage-switching (which minimizes the switching
losses).

Figure 7.27 depicts these 3 situations.

Body-diode Shot-through Ideal dead-time
conduction
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Fig. 7.27 Body-diode conduction and shot-through lossy mechanisms in front of the ideal dead-
time operation

Such functionality is particularly challenging when miniaturization and on-chip
integration is pursued and hence switching DC-DC converters operating in the range
of tens of MHz are targeted. Optimum utilization of a synchronous rectifier depends
on dead-time selection. Optimum dead-times depend on circuit parameters, pro-
cess/temperature variations, and operating conditions, and therefore the impact upon
efficiency is greater at higher switching frequencies.

Past approaches for adjusting dead-time encompass the straightforward use
of fixed dead-times (usually implemented via nonoverlapping clock schemes), in
which case their values have to be conservative to be robust in front of process
variations and hence dead-times are often far from optimum with notable efficiency
penalties. Ideal diode emulation [112] might be a solution for very low switching
frequencies but impractical for miniaturized converters.

Interesting works implementing dead-time optimization systems can be pointed
out here. In [94] Stratakos et al. propose an adaptive control scheme, however an
snubber capacitor is used to slow-down the fall and rise times of the x-node volt-
age transitions (which may increase the global switching losses). In [113] a control
loop is implemented to dynamically adjust the dead-time, but it is supposed that the
power transistors are switch-on when their Vg, voltage is higher than their voltage
threshold. Unfortunately, in deep-submicron technologies the threshold between the
on and off states of a power transistor is not clearly stablished.
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Other proposals include DLL-based approaches [114, 115], predictive gate drives
[116] and efficiency optimization [117, 118], which require switch or input/output
voltage and current sensing, and require specialized drivers. A recent different
approach [119] is based on the fact that both for too-long or too-short dead-time
the duty cycle increases to compensate the loss. For optimum dead-times, no body
diode conduction occurs and the duty-cycle command has minimum value, provided
that the output is regulated. A digital controller implementation enables sensorless
dead-time optimization approach by an optimization performed by searching for the
dead-times that minimize the duty cycle command.

In case of DCM operation in classical buck and 3-level converters, this phenom-
ena appears just in the 7;,, — Ty states transition (which for the 3-level converter
becomes the 71 — T> and T3 — T transitions), since the opposite transition is split
and separated by the inactivity state.

In this work, it is proposed to apply a feedback loop to dynamically adjust the
dead-time to achieve the ideal operation. Inevitably, the dead-time (¢ p) adjustment
is based on a variable propagation delay of the PMOS and NMOS power transistors
gate signals. Since only 71 — 75 and 73 — 7> state transitions need this correc-
tion, just the rising edges of these four signals (dN1, dN2, dP and dP>) need to be
delayed (or advanced). In order to achieve this functionality, starved inverters are
used in all of the signals generation circuits. In case of the driving signals gener-
ation for the Ny and N, power transistors, the starved inverters were included in
the circuits presented in Sect. 7.1.3, whereas those corresponding to the P and P,
transistors are included in the present section.

The voltages applied to the gates of the starving transistors are also adjusted
depending on the detection of the body-diode conduction or the shot-through events.

Because of its similarity, the body-diode conduction is detected by a very similar
circuit as the used in Sect. 7.1.4 to detect the negative pulses in v,.

Unfortunately, the detection of the shot-through event is much less straightfor-
ward. To detect just a negative dead-time (this is, that the NMOS gate voltage goes
high before the PMOS gate voltage) is not enough, since even a small positive
dead-time could result in the simultaneous conduction of both power transistors,
due to non-instantaneous gate voltages transitions and the different voltage levels
that switch-on or switch-off the power transistors (see Fig. 7.28).
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The only magnitude which really identifies the presence of the shot-through event
due to the simultaneous conduction of both power switches is the current spike
produced by the short-circuit. Although this idea holds for a 3-level converter, it is
easier to understand it in case of a classical Buck converter.

According to the ideal operation above described, no current should flow between
both power transistors. Thus, just in case of a shot-through conduction a current
spike flows between them. As a result, this is the magnitude to be sensed to detect
this kind of event.

Unfortunately, this spike could last for tens of picosenconds, and even worse, it
is not desirable to add any component to that part of the power plant, in order to
avoid increasing conduction or switching losses.

Consequently, in this work it is proposed to create an observer of such situation
and sense the current spike by means of a series connected capacitor. In this perspec-
tive, two smaller transistors are used to emulate the power transistors. Obviously,
although their corresponding channel width is much smaller, they are of the same
kind, present the same length, are supplied from the same nodes and are actuated by
the same gate power drivers. In fact, in the layout design, if possible, they could be
placed as one of the fingers of the power transistors, to reduce possible mismatching
issues. The proposed basic idea is exposed in Fig. 7.29.

Fig. 7.29 Shot-through event
detection by means of a series
connected capacitor between
two transistors

M2

E output

This circuit corresponds to the shot-through detection for the case of the P»-N;
transistors pair (note the voltage supply V4-Vp from the C, capacitor terminals),
which might happen in the 73 — T, states transition. However, the corresponding
counterpart for the P;-Nj pair can be straightforwardly derived.

Transistors M1 and M5 are scaled versions of both power MOSFETS, since no
high power must be driven and their gates are driven by the corresponding power
drivers outputs (dP, and dN;), which are not expected to drive much additional
capacitive load. The capacitor Cpp; is used to sense and storage the eventual current
spikes flowing from M1 to M5. The purpose of M3 is to short-circuit the capacitor
along the whole 73 state (connecting both terminals to V), to allow the detection of
anew subsequent event. M2 and M4 act as an inverter that should detect the voltage
state of the V1 node (this is the reason to share the same voltage supply), and the
size of both transistors must be designed to properly set the corresponding thresh-
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old voltage. Finally, the U1 inverter should reconstruct the output of the previous
inverter.

Hence, before the states transition, the Vii sensing node is connected to the
voltage supply V4. After that, if no current spike is produced Vj; goes down to
Vp. However, if the shot-through event takes place along the states transition due
to simultaneous conduction, a current spike flows through both transistors and the
capacitor, which stores the corresponding charge and acquires a certain voltage level
depending on the strength of the shot-through event. Thus, the Vi1 node is not equal
to ground after the transition, which can be sensed by the following inverters. In
other words, if the shot-through event takes place the output of U1 is high along the
T, state, whereas it is low if the considered event does not happen.

According to the previous explanation, the lower the capacitor value, the higher
the voltage achieved, and the easier to sense it. Unfortunately, the charge injection
due to the clock-feedthrough issue across the parasitic capacitors and the gate volt-
age changes of M1 and M35, is also stored in the capacitor. Thus, a rather complex
trade-off must be faced when scaling the power transistors, setting the capacitor
value and the channel sizes of the M2 and M4 transistors.

In order to observe the Cppy voltage (V51 — Vi2) change when the shot-through
happens, transistor-level simulation results are shown in Fig. 7.30. In this case, the
dN, signal was delayed in respect of the dP>, with negative (d N2 goes up before
dP») and positive values. Then, the capacitor voltage is measured after the states
transition (7> state) and depicted as function of the delay. Additionally, several
curves are plotted for different capacitor values so as to observe the impact of this
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Fig. 7.30 Shot-through existence relationship with the delay between both power MOSFETS gates

signals (dP, — dN3), and the observation of a current spike on the P, source terminal during the
T3 — T, transition
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magnitude upon the capacitor voltage change. Furthermore, the presence of a cur-
rent spike in the P, source (due to the shot-through event) was observed, and it is
represented as a binary magnitude, where 2 means its presence, and 0O its absence.

From these results, it is concluded that the optimum capacitor value at which the
voltage change due to the current spike is maximized (which is desirable to make the
detection easier), is not the lower one as expected, because of the aforementioned
charge-injection issues that preclude the V1 voltage to go low when no shot-through
is detected. Additionally, it is observed that the capacitor is able to detect the shot-
through event, storing the injected charge. In case of very low positive and even
negative 7pp values, it is observed that the Cpp; capacitor voltage saturates to the
supply voltage (in this case 1.8V, as the power driver).

In the herein presented design, the capacitor values were established as Cpp1 =
70 fF and Cppy = 100 fF, as a trade-off between the capacitor voltage change and
the time required to discharge it. The consequent voltage swing at the V1 node must
be taken into account when designing both M2 and M4 transistors, as well as the
U1 inverter.

The results of transient transistor-level simulations are included in Fig. 7.31. Both
possible cases are depicted, and the output of the U1 inverter along the 7> state is
observed to properly distinguish the presence or not of the shot-through conduction.
To show the presence or not of the shot-through conduction, the source current of
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Fig. 7.31 Transistor-level simulation results of the shot-through event detection: a the tz3p = 0
causes the shot-through conduction; b t5p = 400 ps precludes it



230 7 3-Level Buck Converter Microelectronic Implementation

the M1 transistor is also shown. Clearly, the expected operation of the designed
block is observed.

The circuit finally developed for the body-diode and the shot-through events cor-
rection is presented in Fig. 7.32.
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Fig. 7.32 Schematics of the microelectronic implementation corresponding to the circuital block
designed to prevent the body-diode and the shot-through events
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In the circuit design, the capacitor values are C41 = Cp2 = 20fF, Cp; = Cpr =
60 fF. As observed, greater impact on the feedback voltage modification has been
determined for the shot-through event detection. The reason for this is that it is a
more dangerous event (it could damage the input battery), which requires to avoid
it as soon as it appears.

The feedback capacitors Cyp,_pp1 and Crp_gpo present a value of 1pF, which
is much smaller than their counterparts of the Sect. 7.1.4. This is required because
four feedback loops exist in the secondary control loop, which interact between
them through the converter operation. As a result, two different values were used
for the feedback capacitors to separate the dynamics from these feedback loops.

Apart from the circuits that are in charge of detecting the body-diode conduction
as well as the shot-through events (to modify the delay of the power MOSFETs sig-
nals generation), other required additional circuits have been highlighted by means
of gray boxes.

The two boxes on the top of the figure are required to change the voltage levels
of the power drivers outputs dN| and dN» from their floating voltage supply (due
to the self-driving scheme, presented in Sect. 5.3), to the amplitude of the voltage
supply of the control circuits (Vj,,). These signals are required to properly determine
the observation windows at which the body-diode and the shot-through events must
be detected. This is carried out by means of the U18 and U19 NOR gates that
supply the corresponding inverters allowing or not their operation. In Fig. 7.33, the
appropriate operation of the circuit corresponding to the dN, signal is shown, by
means of the observation of the input signal dN» and the outputs N, p and Nap.

dN, (V)

N2p (V)

N2p (V)
\S]

500 550 600 650
t (ns)

Fig. 7.33 Transistor-level simulation results of the circuit in charge of changing the voltage levels
of the power driver output dN (with floating power supply), to the battery voltage levels
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On the bottom, two starving inverters are used to adjust the delay of the PMOS
power switches driving signals, in the same way as the one used to modify the delay
of the NMOS counterparts in Sect. 7.1.3.

The global operation of the whole presented circuit to adjust the dead-time when
applied to the 3-level converter, can be observed in Fig. 7.34: both feedback voltages
are shown, and their evolution towards the proper dead-time (#pp) adjustment.

1.4

Vip_gp1 & Vip_gp2 (V)

04t T

Rt A E

0 1000 2000 3000 4000 5000
t (ns)

Fig. 7.34 Transistor-level simulation results from the application of the proposed circuitry to adjust
the dead-time on the designed 3-level converter

The voltage glitches observed in Vy, pp1 and Vg, _pps are due to the charge
injection of the corresponding switches that connect the capacitors in parallel.

In Figs. 7.35a, b, details of the v, voltage and the source current of both PMOS
power transistors (isp1 and iszpo) are provided, at the beginning and at the end of the
feedback loop adjustment. Power transistors gates signals are also shown. However,
in this case, the source-to-gate voltage for the PMOS transistors is shown instead of
the gate voltage, to better show the potential signals overlap.

In these figures, it is clear how the feedback loop is capable to adjust the
dead-time until almost eliminating the body-diode conduction, without falling into
the shot-through conduction. In Fig. 7.35a, two body-diode conduction events are
observed that last for about 800 and 550 ps, whereas they have disappeared in Fig.
7.35b.

Additionally, no current spikes are observed in isp; and igpy in the transition
towards the 7, state. The only observed spikes occur at the beginning of 77 and 73
as a result of the charge spent in the parasitic capacitors of the power plant.

The developed layout design for the circuit implementation proposed in this sec-
tion is presented in three different figures: Fig. 7.36 shows the main part of the
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Fig. 7.35 Results of the V¢, pp1 and Vyj,_pp> adjustment by means of the feedback loop, on the
vy voltage and source current of both PMOS power transistors (izp; and iszpp): @ when the voltage
is still to be adjusted; b after the feedback loop correction
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Fig. 7.36 Layout design corresponding to the main part of the circuit that adjusts the V;,_gp; and
Vib_pp2 voltages to avoid the body-diode and the shot-through conduction
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Fig. 7.37 Layout design corresponding to the circuit that changes the voltage levels of the signals
applied to the gates of the NMOS power transistors

circuit, Fig. 7.37 depicts the layout design of the circuits in charge of changing the
voltage levels of the NMOS power switches gates signals, and Fig. 7.38 corresponds
to the layout of the circuits that modify the signals propagation delay by means of
starving inverters.

Once again, the feedback capacitors have not been included in the layout view of
the Fig. 7.36, because their large size might reduce the visibility of the rest of the
circuit.

7.1.6 Inductor Short-Circuit

In the DCM operation of classical buck converters, noisy resonant oscillations may
appear in the x-node voltage and the inductor current as well, because of the reso-
nance between the inductor and the x-node parasitic equivalent capacitor. This kind
of oscillations becomes unavoidable because of the different energy states of the
capacitor at the end of Ty (v, = 0) and at the end of 7; (v = V), even though the
inductor current is zero. Due to the similarity between their operation, these unde-
sired oscillations along the inactivity states also exist in a DCM operated 3-level
converter. Obviously, it is desired to cancel this behavior to avoid interfering other
circuits that might exist in the surroundings of the converter (specially, in case of a
Powered-System-On-Chip implementation).
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Fig. 7.38 Layout design corresponding to the circuit that modifies the propagation delay of the
dPy and dP; signals generation

In Fig. 7.39, these oscillations can be clearly observed. They correspond to
transistor-level simulation results where the selected design of the 3-level converter
is implemented without the inductor short-circuit.

The most common way to suppress this issue is to short-circuit the inductor along
the 7] and T states [105], to dissipate the remaining energy in the parasitic resis-

vy (V)

iL (MA)

4510 4520 4530 4540 4550 4560 4570
t (ns)

Fig. 7.39 Oscillations in v, and iy, along the inactivity states of a 3-level converter, due to the
resonance between the inductor and the parasitic capacitor of the x-node
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Fig. 7.40 Proposed circuit to short-circuit the inductor along the inactivity states 7| and T}

tance of the short-circuit path as soon as possible. Because of the effectiveness and
simplicity of this method, it has been adopted in the present design.

As exposed in Fig. 7.40, two NMOS transistors (W.; = 100 um) are used to
short-circuit the inductor. To drive these transistors, two different 3-input NOR gates
determine the inactivity states, based on the information from the signals corre-
sponding to the PMOS transistors (P and P5), the signals that identify the half of
the switching period (s and s7), and the gate signals of the NMOS power switches.

To guarantee that the NMOS power transistor has been switched-off before the
inductor short-circuit (otherwise it could result in the output capacitor C, short-
circuit), the output of the corresponding power driver (dN| or dN7) is used in the
NOR gate (because it includes the signal generation and the driver delays). However,
because of the floating voltage supply of the power drivers, the voltage levels of
these signals need to be adapted to the control circuitry voltage supply, which is
constant and equal to Vj4. Since this voltage adaption is already carried out in
the dead-time adjustment circuit (Sect. 7.1.5), just the signals generated there are
needed (N;p and N;p).

The results of the application of the presented circuit to the 3-level converter are
shown in Fig. 7.41. In this case, vy as well as the short-circuit signals CCy and CC,
are depicted, and the effect upon the oscillations reduction is clearly observed.

In the figure, it is observed a relatively slow rising edge of both CCy and CC,
signals. This is because a simple logic gate must charge and discharge the relatively
large transistor that short-circuits the inductor.

To conclude this section, the designed layout corresponding to this circuit is pre-
sented in Fig. 7.42. Only the NOR gates can be observed, since M1 and M2 have
been placed closer to the main inductor to avoid increasing the parasitic capacitance
of the x-node.
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Fig. 7.41 Oscillation cancellation along the inactivity states due to the inductor short-circuit

Fig. 7.42 Layout design
corresponding to the NOR
gates that determine the
inductor short-circuit along
the converter inactivity states
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7.1.7 Overall Layout Design of the Secondary Control Loop

In Fig. 7.43 the layout design and placement of the overall secondary control loop
circuitry can be observed, where the main building blocks have been highlighted by
black dotted boxes. In this case, the two top metal layers have been excluded for
the sake of the circuits visibility. These two layers are mainly used to implement the
power supply lines, as well as to route the longest signals paths (since they present
lower parasitic capacitance coupled to substrate).



238 7 3-Level Buck Converter Microelectronic Implementation

| N,generation | | N,generation |
] . Inductor
short-circuit

“

: Voltage level
E change of the
=| drivers outputs

1 | Dead-time
: | adjustment

I, =0 condition |
detection

P, & P, propagation A
delay modification [ = =« - e

C'b_BD1 & Clb_BDZ

s P&s
~. | generation

Cfb1 & Cbe

Duty-cycle
generation

Fig. 7.43 Placement and distribution of the elements corresponding to the whole secondary control
loop implementation

7.2 Power Plant Implementation

This section presents the power plant layout implementation, which includes the
reactive components, the power switches and their drivers, and the two transistors
used to short-circuit the inductor (as explained in Sect. 7.1.6). Since components
values are determined by the design space exploration results, only the layout design
is explained in each case.
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7.2.1 C, Capacitor

Recalling the design details obtained from Table 6.5, the output capacitor (C, =
25.89 nF) is composed by a matrix of 7219 MOSCAPs, each of them with a chan-
nel length and width of 3.58 and 159.5 wm, respectively. According to this data, a
rather square matrix is designed, which only presents the apertures required to place
the inductor bonding pads. The resulting layout distribution and its dimensions are
presented in Fig. 7.44. As explained in the MOSCAP matrix presentation (Sect.
3.2), only the three bottom metal layers (metal-1, -2 and -3) are required for its
implementation.

2568 um

Fig. 7.44 MOSCAP matrix used to implement the output capacitor of the converter

7.2.2 Cy Capacitor

From the same table as in case of C,, the design data corresponding to the C,
capacitor are obtained. In this case, the capacitor design should fit the same area as
the occupied by the C,, capacitor (5.07 mm?), resulting in 5.07 nF. Thus, as observed
in Fig. 7.45, the C, capacitor layout design presents a shape similar to the C,
capacitor, but in this case only the two top metal layers (metal-4 and -5) are used,
in addition to the special MMC layer that the manufacturer provides to implement
MIM (Metal-Insulator-Metal) capacitors.

Due to technological limitations, a single large capacitor could not be designed.
Instead, a matrix of 507 capacitors of 10 pF each is required.
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Fig. 7.45 Layout design corresponding to the C, capacitor. In this case a matrix of 507 capacitors
of 10 pF each is required

7.2.3 Inductor

From the layout design point of view, only the appropriate bonding-pads distribution
is needed for the inductor implementation. According to the data from Table 6.4,
a three turns spiral with an external side length of 2.3 mm is to be implemented.
According to the bonding-wire manufacturer, a minimum distance between wires
of 50 wm must be respected, as well as a distance between pads centers of 100 wm.
Therefore, a design that accomplishes all these specifications is carried out.

Figure 7.46 shows the overall pads distribution. As expected, double pads con-
nected by wide metal paths are used in the spiral vertexs, since two straight bonding
wires need to be connected, whereas the input and output terminals of the inductor
require single bonding pads. The resulting bonding wires are depicted by means of
dashed gray lines.

In Fig. 7.47, more details on the designed bonding pads are shown.

7.2.4 Power Drivers Layout
The power drivers design is also based on the results of the design space exploration,

presented in Chap. 6. As stated before, a particular power driver design for each
different power transistor must be addressed.
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Table 7.1 Channel widths of the transistors of the four power drivers (widths in microns)

Inverter 1 2 3 4 5
» PMOS 1.17 5.68 27.53 133.3 646.1
! NMOS 0.3 1.45 7.04 34.11 165.24
» PMOS 0.63 5.65 50.98 459.53
2 NMOS 0.3 2.7 24.38 219.76
N PMOS 1.46 6.7 30.68 140.47 643.06
! NMOS 0.3 1.37 6.29 28.78 131.78
N PMOS 0.63 10 159.16
2 NMOS 0.3 4.78 76.12

In Table 7.1, the channel widths of all the transistors that compose all the four
different power drivers can be found. Since the power drivers corresponding to the
P and N transistors make use of input — output transistors, their length is L., =
0.34 wm. On the other hand, the core transistors that compose the drivers for the P>
and N> power switches present a channel length of L., = 0.24 pm. Additionally, in
the later case, the PMOS transistors of each inverter are low-Vr transistor, since this
selection reduces the driver energy consumption (according to the corresponding
characterization developed before the drivers design).

Furthermore, all the NMOS transistors that compose the four drivers are placed in
a PWELL separated from the substrate (which is possible in Triple-Well processes,
as the one used to implement the design), in order to avoid the latch-up issue (which
in this case is particularly prone to appear, because of the large size of the power
drivers last stages). In case of the power drivers corresponding to the P, and Ny, the
use of a separate PWELL for the NMOS transistors is a must, since their sources
and substrates need to be connected to the floating vp voltage, instead of ground.
This is an issue that does not affect the PMOS transistors since the corresponding
NWELL can always be connected to any different voltage higher than ground.

In Figs. 7.48, 7.49, 7.50 and 7.51, it is presented the layout design corresponding
to the four power drivers of the Py, P>, N1 and Ny power switches, respectively.

187 um

wn G

PMOS NMOS

Fig. 7.48 Layout design of the power driver that acts the P; power transistor
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Fig. 7.49 Layout design of the power driver that acts the P> power transistor
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Fig. 7.51 Layout design of the power driver that acts the N, power transistor
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The main guidelines to follow in the design of the power drivers layout is to
reduce both the parasitic capacitances due to the wide metal paths interconnections,
while keeping low values of the parasitic resistance of such paths. Hence, it is very
interesting to put all the transistors as close as possible to each other. Although this
could increase the possibilities of the latch-up issue, the use of triple-well NMOS
transistors precludes it.

Moreover, many guard rings are placed surrounding the power drivers so as to
reduce the substrate interferences on the nearby circuits, corresponding to the sec-
ondary control loop.

7.2.5 Power Transistors Layout

The developed design for each of the power MOSFETS is quite straightforward.
The PMOS transistors present the low-Vr characteristic (since it results in lower
parasitic on-resistance values), and NMOS are placed in a PWELL separated from
the substrate to reduce the injected interferences to the substrate. Furthermore, in
case of the Ny power transistor, its placement in a separated PWELL is mandatory,
since its source and body terminals are connected to vp.

In this work, the layout design of the power MOSFETs has been determined
to follow the classical finger structure so as to make it simple. Nevertheless, some
guidelines have been followed in their design.

e It is interesting to use the widest possible metal paths to reduce the overall par-
asitic resistance of the power switch. In this perspective, it is also interesting to
use as many metal layers as possible to route the power paths.

e The polysilicon gate terminals of the power transistor are connected at both ends
of each finger by means of the polysilicon and the metal-1 layers so as to reduce
the gate resistance, which is directly related with the resistive switching losses
(explained in Sect. 3.4.2.2).

e The wider the fingers, the higher the gate resistance because of the distributed RC
circuit corresponding to the gate polysilicon. Additionally, the equivalent transis-
tor on-resistance is also increased because of the narrow connections along the
fingers. However, reducing too much the fingers width (W f;,¢.r) Will increase its
number (for a given transistor channel width). The later results in a width increase
of the overall power transistor structure, which implies an increase of the gate
connection capacitance, plus a more difficult access from the power driver out-
put (expected to be smaller), that finally would also increase the gate resistance.
Thus, the fingers length is a trade-off between the gate terminal resistance and
the power switch on-resistance, and the gate capacitance that must be driven by
the power driver.

e Furthermore, the overall size of each transistor structure is also determined by the
dimensions of the terminals to be connected (this is, the inductor bonding pad,
the Cy contacts, or the input and output power paths.)
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e In order to further reduce the gate resistance, any power transistor is subdivided
into different sections that group several fingers, and then, all of them are parallel
connected. This allows to short-circuit each group gate terminals at both sides,
by means of metal-1 strips.

In Fig. 7.52 the four designed power transistors are shown. The same scale is
used in all of them and their dimensions are noted, for a better comparison of their
final shape and dimensions.

154.5 um

/ 1017 um

Fig. 7.52 Layout design of the four power transistors. All of them are depicted at same scale and
their dimensions are noted, for a better comparison between their final shape and size

As it could be expected, P; and N present the wider structure, since they connect
the external power paths to the C, capacitor, presenting both of them very wide
contact surfaces. However, the dimensions of the corresponding drivers preclude the
design of extremely wide structures (i.e. higher number of shorter fingers). On the
contrary, the bonding pad used to connect the inductor presents smaller dimensions,
which demands for transistor structures with lower number of longer fingers. This
is the case of the transistors N and P.

In Fig. 7.53, details of the P; layout design are presented as an example of the
developed structures.

/ NWELL contact

. oW

Gate shortcircui

Source terminal Gate terminal

Fig. 7.53 Details of the developed layout design for the P transistor
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Driver

Fig. 7.54 Connection between the gate terminal of the N; transistor, and the output of the corre-
sponding power driver

And finally, Fig. 7.54 shows, as an example, the connection between N> and its
corresponding driver.

7.2.6 Overall Layout Design of the Power Plant

In this section an overall view of the whole layout design corresponding to the power
plant is presented in Fig. 7.55. This figure includes all the reactive elements and the
power switches and drivers.

wrl 0282

Fig. 7.55 Overall view of the layout design corresponding to the reactive elements, the power
switches and drivers
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Fig. 7.56 Detailed view of the power transistors and drivers distribution, surrounding the x-node

Figure 7.56 shows a better view of the power transistors and drivers, to clarify
their distribution around the bonding-pad of the inductor (x-node). Furthermore, in
this figure, the transistors used to short-circuit the inductor along the inactivity states
(as explained in Sect. 7.1.6) are also marked.

7.3 Complete Converter Design and Results

In this section, the most relevant results from transistor-level simulations corre-
sponding to the complete converter design are presented. Additionally, the complete
layout design joining the converter itself plus the whole secondary control loop is
exposed. In all the presented waveforms, the switching frequency was stablished to
fs = 18.64 MHz, and the output load was set to I, = 50 mA, since it was observed
that the developed circuit was unable to operate at the selected switching frequency
fs =37.28 MHz.

First of all, the most significative waveforms corresponding to the converter func-
tionality are depicted. Figure 7.57 depicts the stabilization of the four feedback loops
corresponding to the secondary control.

The results show that after the feedback voltages adjustment, the output voltage
increases towards 1 V. Since this is achieved without any modification of the Ip;4s p
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Fig. 7.57 Transistor-level simulation results of a long transient simulation of the designed 3-level
converter and the secondary control loop

(that determines the 77 and 73 duration), it is observed that the proper dead-time
adjustment and the NMOS power switches cut-off at i; = 0 moment, increases
the power efficiency (which results in a output voltage increase). Furthermore, an
stabilization is also observed in the Cy capacitor voltage, after the feedback loops
adjustment.

In the results of Fig. 7.57 it is also observed the reduction of the positive and
negative peaks of the inductor current and the v, voltage, as a result of the secondary
control loop operation.

In order to provide a clearer scope on the most significant generated signals of
the whole system, Fig. 7.58 depicts them for a narrow temporal span. In this case,
the gate voltages of all the PMOS power transistors are shown as the source-to-gate
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Fig. 7.58 Details of the most significant generated signals of the complete converter system

(transistor-level simulations)

voltage, for a better observation of the dead-time between their falling edges and the
corresponding NMOS switches gates voltages. As a visual reference, the v, voltage

is also exposed.

Figure 7.59 presents a detailed view of the most representative voltage wave-
forms resulting from the operation of the complete system, such as the voltage at
the terminals of the C capacitor (v4 and vp) and the output voltage ripple, all
of them referred to the vy voltage waveform, so as to better identify the different

converter states.
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Fig. 7.59 Details of the most significant voltages signals resulting from the complete converter
system operation (transistor-level simulations)

Finally, in Fig. 7.60, the most significant current waveforms are presented. In
this case the input battery current (ipq;) is shown as well as the current sourced or
provided by the Cy capacitor (ic,). In addition to this, the current sourced by the
power drivers (igiver) corresponding the P; and N| power switches is depicted as
the difference between the battery current and the current sourced by the P tran-
sistor (iszp1). Inductor current is shown, as well, for which only a small oscillation is
observed (thanks to the inductor short-circuit system).

From all the presented transistor-level simulation results, it is concluded that the
desired operation is achieved by the proposed system, including not only the power
devices, but also the secondary control loop. Unfortunately, the developed system
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Fig. 7.60 Details of the waveforms corresponding to the most significant current signals of the
converter (transistor-level simulations)

was unable the work at the obtained switching frequency from the design space
exploration results carried out in Chap. 6. Consequently, the output current was
reduced to 50 mA and the switching frequency to f; = 18.64 MHz, in order to keep
the proportionality k = {—;

Then, the output voltage ripple (Fig. 7.62) and the power efficiency (Fig. 7.61)
are measured for different output current values, while keeping the proportional-
ity between the output current and the switching frequency (which implies to keep
constant the Ip;,s p current value).

As observed, the power efficiency obtained from the transistor-level simulation
results closely matches the predicted from the design space exploration results,
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Fig. 7.61 3-level converter efficiency as a function of the output current, contrasted against the
resulting from the presented models. Power efficiency corresponding to transistor-level simulation
results is also depicted for the case of deactivating the adaptive dead-time and i;, = 0 adjustment
feedback loops. In this case, adjustment voltages were setto Vyp12 =2V and Vypg,12 = 0.8V
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Fig. 7.62 Output voltage ripple of the implemented 3-level converter design as a function of the
output current, contrasted against the resulting from the presented models
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which validates the presented loss models (at least in front of the models provided by
the foundry). Furthermore, it is observed that the power efficiency is kept relatively
constant for about two decades of output current values. Additionally, this figure
depicts transistor-level simulation results corresponding to the case of cancelling the
effect of the secondary control feedback loops. In this case, the adjustment voltages
were set to Vyp1o = 2V and Viypy,12 = 0.8V, which produced an efficiency
reduction of a 5%, approximately.

As regards the output voltage ripple, it is observed that it is higher than the level
predicted from the presented models. However, this could be expected since the
output ripple model presented for the 3-level converter does not include the effect
of the C,, and the C, capacitors ESRs (because of its high complexity). Moreover,
it did not include the effect of the self-driving scheme to supply the power drivers
from the C, capacitor. Obviously this increases the vc, voltage swing which, in
turn, increases the output ripple.

To finish with the simulation results, the evolution of the output voltage RMS
value as function of the output current is exposed in Fig. 7.63. From the figure,
it is observed that the output voltage is kept constant for a wide range of output
current values. This implies that the power efficiency reduction as the output current
becomes lower is due to the higher input current demand, rather than to the output
voltage decrease.
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Fig. 7.65 Zoomed view of the secondary control loop components around the power switches and
drivers
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The layout view of the overall designed system is presented in Figs. 7.64 and
7.65 (that offers a zoomed view of the secondary control loop elements distribution
around the power switches).

In the closer view of Fig. 7.65, the feedback capacitors of the blocks that adjust
the 75 state duration as well as the dead-time, can be clearly seen.

Also, other elements not presented in this chapter are observed. However, they
are not part of the converter complete system, but they were added to the design just
to help the test of the chip (e.g. to buffer some internal voltage signals which are
needed to be observed through the package pins).






Chapter 8
Conclusions and Future Research Lines

8.1 Conclusions

Throughout the work presented in this thesis, the fully monolithic integration of

switching DC-DC step-down converters has been addressed. In their integration,

energy efficiency, compactness and standard CMOS implementation are pursued.
In this perspective, research has been carried out in four different areas:

m Structured design methodology both at circuit and system level, which is applied
transversally to most of the designs.

B Proposals of the different converter power components IC-suitable implementa-
tion, together with their models oriented to a design space optimization.

m Topologies and converter structures more suitable to microelectronic implemen-
tation.

B Additional CMOS-compatible ancillary circuits, apart of the converter itself, that
improve the converter behavior.

In this chapter, particular conclusions in all of these four areas will be presented
and organized in nested lists depending on the detail level.

B As regards to the proposed design methodology, the main conclusions
derived from this thesis are:

e A complete design space exploration has been carried out in pursuit of an
optimum design.

— The design space exploration allows to concurrently design all the design
variables of the considered circuit or system, taking into account all the
interdependencies between them. The design challenge hence shifts to a
modelling challenge, which has been addressed in this thesis.

— The target microelectronic implementation of the converter offers the
required access to all the design variables that allow the complete model
of all the converter components, as opposite to the case of using discrete
components.

G. Villar Piqué, E. Alarcén, CMOS Integrated Switching Power Converters, 257
DOI 10.1007/978-1-4419-8843-0_8, © Springer Science+Business Media, LLC 2011
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— The design space exploration structure allows the existence of nested sub-
explorations particularized for the design and optimization of each compo-
nent.

— A proper identification and classification of the application parameters,
design variables (static or dynamic), performance factors and technological
information facilitates the design space exploration organization, as well as
the constraints and merit figure definitions.

— In this work, the considered performance factors have been determined to
be the power efficiency and the occupied area, targeting high power density.

— On the other hand, the application parameter used to constraint the design
space exploration has been the output voltage ripple.

Although this is a design methodology previously applied in other technolog-
ical fields, it is a new proposal to be applied to the design of fully integrated
switching power converters.

When focusing the fully microelectronic integration of switching power con-
verters in standard CMOS technologies, the design space exploration is a must
because such an application pushes the technology limits, so that a subopti-
mum design could produce very poor performance.

The transversal use of the design space exploration conforms a common con-
ceptual framework that makes it easier the comparison and contrast between
different designs that provide the same functionality (i.e. different converter
topologies, components and control circuits) throughout this thesis.
Constraints are applied on the design space exploration in terms of the allow-
able output voltage ripple so as to exclude those possible designs not suitable
to the considered application.

In order to obtain a single optimized design, a proper merit figure definition is
required, encompassing both the energy efficiency (to be maximized) and the
occupied silicon area (to be minimized).

With respect to the proposals of different converter components implemen-

tation and their models, the main conclusions obtained are:

e Models and implementation details are presented for the 4 different con-

verter components: inductor, capacitor, power transistors and power drivers.
Despite the heterogeneity of these four different components, their modelling
is described as a function of the main design variables (L, f;, C,), which uni-
fies the overall design procedure in the global design space exploration.

e Regarding the inductor design and implementation:

— The use of bonding-wire to implement on-chip inductors for power man-
agement applications in standard CMOS has been proposed and justified.

— The development of spiral inductive structures composed by straight
bonding-wire segments has been carried out.

— It has been demonstrated that the equilateral triangular shape optimizes the
inductive density while minimizes the parasitic series resistance.
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A method to design and optimize the inductor design, as a function of the
number of turns and the external side length, has been proposed (similar to
the design space).

A 26.73nH inductor with an ESR of 1.08 Q that occupies 2.29 mm? has
been obtained, taking advantage of the inductor optimization under the
overall design space exploration. The inductor design has been corrobo-
rated by means of finite element simulation.

The proposed bonding wire implementation allows the placement of other
circuits and components underneath the inductor.

e Regarding the capacitor design and implementation:

It has been proposed the use of MOS capacitors (MOSCAP) to implement
the output capacitor of the converter, because of its higher capacitive den-
Sity.

The optimization of the ESR of a single MOSCAP has been proposed, from
the distributed RC models of the transistor gate and channel.

Since the optimized ESR of a single MOSCAP has been found to be
still too high for power management applications, it has been proposed
a bi-dimensional matrix structure that connects a high number of single
MOSCAPs to reduce the total ESR. The proposed structure makes use of
the 3 bottom metal layers.

The ESR resulting from the whole structure has also been modelled, and a
design procedure targeting an optimum design has been proposed.

The proposed MOSCAP matrix yields a 25.89 nF capacitor with an area
occupancy of 5.07 mm?, which compares favorably with previous state-of-
the-art approaches.

When compared to other common on-chip capacitor implementations such
as the Poly-Poly capacitors or the MIM capacitors, the proposed MOSCAP
matrix appears as good trade-off between the capacitive density and the
resulting ESR.

e Regarding the power drivers design and implementation:

A new efficiency-oriented analytical model of the tapered buffer structure
has been proposed to evaluate their energy consumption as a function of the
number of stages (for a given power MOSFET to be driven).

From the energy consumption model, the concurrent design of both the
power driver and its corresponding power transistor has been proposed.

V The concepts of intrinsic charge and unitary effort charge have been
proposed and used to model the current consumption of the whole
tapered buffer. This model has been validated by means of transistor-
level simulations.

V Additionally, a new model for the fall-rise time of the tapered buffer
output has been proposed and validated by means of transistor-level
simulations. This model is based on the concepts of the intrinsic fall-rise
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time and the unitary effort fall-rise time, that have been also introduced
and explained in this work.

V The proposed model for the fall-rise time has been used as the link that
allows the joint design of both the power MOSFET and the correspond-
ing tapered buffer (when focusing the overall energy losses reduction).

V The channel width of the PMOS transistor of the unitary inverter of the
tapered buffer has been proposed as one of the design variables (while
keeping the NMOS channel width of the unitary inverter to the lowest
possible value).

vV Because of the high switching frequency operation of the fully inte-
grated switching power converter, the propagation delay of the power
drivers has been found to be a constraint when evaluating their design
space exploration (as a function of the number of stages and the channel
width of the PMOS transistor of the unitary inverter).

e Regarding the power transistors design and implementation:

A global model for the power transistor energy losses has been proposed.
From a revised existing model, the switching losses have been split into two
different loss mechanisms: resistive and capacitive.

V The resistive switching losses are due to a non-instantaneous gate volt-
age change, which results in a no-instantaneous channel resistance
change from the off-state to the on-state (while the inductor current
starts to flow through the channel).

vV The capacitive switching losses are due to the voltage change of all the
parasitic capacitors of the power MOSFET and its circuit surroundings.

vV Tables from transistor-level simulations are needed to model all the
required parasitic non-linear capacitors of the power MOSFET.

VvV The switching power losses subdivision accounts for the loss exis-
tence even in case of Zero-Current-Switching (ZCS) or Zero-Voltage-
Switching (ZVS) conditions.

The concurrent optimization of all the transistors of the power converter
and their power drivers has been proposed.

The proposed model partially avoids the dependence of the switching power
losses on the transistor gate resistance. The interest of this falls on the dif-
ficulty to model the gate resistance of a custom power MOSFET, since it is
strongly dependent on the final layout design.

On the other hand, the resistive switching losses identification allows to
link the transistor power losses with the fall-rise time of the power driver
output.

Conduction losses have been modelled taking into account the variable gate
voltage along the on state, in case of the 3-level converter.

The transistor on-resistance has been obtained from measurements of a
complete set of simulations.

The concurrent optimization (towards the power losses minimization)
of all power transistors (4, incase of the 3-level converter) and their



8.1 Conclusions 261

corresponding drivers, becomes a multivariable non-linear constrained
problem, which could present several local minima. Unfortunately, the
design space is too extended to evaluate all the possible designs.

— Consequently, genetic algorithms have been selected to carry out the opti-
mization as they offer a reasonable trade-off between the global minimum
search capability and the required processing time.

e In case of the C, capacitor (for the 3-level converter), no particular pro-
posal has been presented. Because of its floating connection, the conventional
Metal-Insulator-Metal implementation (provided by the technology) has been
selected, which yields a low ESR value. Interestingly, such an implementation
just requires the 2 top metal layers, plus an special thin metal layer between
them.

e The proposed implementation of the reactive components (L, Cy, Cy) allows
their vertical placement in the layout design, which results in important occu-
pied area savings.

B As regards to the research and proposals of different converter topologies
more suitable to their microelectronic implementation, the main conclusions
found are:

e From typical applications, the main characteristics of the converter to be
implemented have been set to: Vp,, = 3.6V, V, = 1V, I, = 100mA,
AV, =50mV.

o Initially, a classical Buck converter has been considered for its fully integration
on silicon, because of its simplicity.

— The design space exploration results from the classical buck converter
yielded an optimized design that offers a power efficiency of 61.02% with
an area occupancy of 2.29 mm?.

— From the design space exploration, it has been observed that usually the
highest power efficiency is obtained for DCM operation. Furthermore,
when it is possible, the highest efficiency is found close to the edge between
both operating modes (but in the DCM zone), since this results in a proper
trade-off between switching and conduction losses.

— The obtained power efficiency from the design space exploration has been
determined to be too low. Thus, it has been suggested to investigate another
step-down converter topology that presents a higher energy efficiency.

— The observed power losses breakdown from the optimized design of the
classical Buck converter have shown that about a 60% are conduction
losses. As a consequence, the research for a power converter that requires a
lower inductor current RMS value becomes a guideline.

e The fully integration of a 3-level two-phase converter, as a voltage regulator,
has been proposed.

— Several benefits as regards the energy losses reduction as well as the output
ripple reduction are expected from the 3-level converter operation.
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V The resulting lower inductor current RMS value yields a conduction
losses reduction.

vV From the lower voltage levels present in the x-node (approximately, half
of the input voltage), a decrease of the switching losses is expected.

On the other hand, the required additional capacitor (Cy), which classi-
cally is large enough to yield a constant voltage level, and two extra power
switches and drivers suggest an increase of occupied silicon area.
Therefore a detailed analysis considering an IC-suitable low value for the
C, capacitor has been presented covering the four different cases that arise
from the 2 possible operating modes (CCM and DCM)), and the 2 different
cases of the output voltage being lower or higher than half of the input
voltage.

The 3-level model has been focused on the output ripple evaluation as well
as the inductor current RMS value evaluation, and the RMS value of the
current flowing through each of the power switches.

Additionally, the static transfer characteristic of the 3-level converter con-
sidering low C values has been studied.

A comparison between the classical Buck converter and the 3-level con-
verter has been presented in terms of the control signal-to-output voltage
characteristic, the output voltage ripple, the inductor current RMS value
and the inductor switching current.

V The comparison between both converter topologies has been carried out
for different values of the Cy capacitor, to evaluate its impact on the
converter functionality, and pursue its reduction as much as possible.
The common component values have been set to: L = 35nH, C, =
30nF, f; =25MHz, Vpp; = 3.6V, V, =1V, I, = 100 mA.

V From the comparison results it has been stated that the 3-level con-
verter provides lower output ripple, as well as lower inductor cur-
rent RMS value and lower inductor switching current, even in case of
Cy = 100 pF.

V Additionally, the control signal-to-output voltage characteristic of the
3-level converter (in DCM operation) has been found to be more linear
than the resulting from the classical buck converter, which could be very
interesting when eventually designing control system.

At transistor-level, a novel self-driving scheme to supply the power drivers
from the C, capacitor terminals has been proposed.

Vv This scheme guarantees that all the voltage differences related to the
power switches do not exceed half of the input voltage.

vV The proposed scheme allows the use of core transistors as the power
switches (in the considered technology), with a shorter channel length.
This not only reduces the conduction losses due to the lower on-
resistance, but also reduces the switching losses due to the consequent
smaller parasitic capacitors.



8.1 Conclusions 263

\Y

The power drivers implementation corresponding to some of the power
switches can also be implemented by core transistors, which in turn
reduces their energy consumption.

— The design space exploration has been carried out for the 3-level converter,
in order to determine an optimized design to be implemented.

\Y

\Y

The addition of a new design variable (C) to the design space might
increase its complexity and processing time to unpractical values.

It has been proposed and justified to keep the 3 main design variables (as
in the case of the classical Buck converter), by forcing the C, occupied
area to the same value as that occupied by the output capacitor (C,).
This links the C, value to any value set for the C,, capacitor.

The overall design space exploration results yielded a 3-level con-
verter design that occupies 1.81 mm? of silicon area, while providing an
energy efficiency of 69.33%. This results in a notably smaller and more
efficient design than that obtained from the classical Buck converter.

At this point, the proportional switching frequency modulation as a
function of the output current has been revisited and has been proposed
to be applied to the converter, in case of a variable output current. This
way, the power efficiency is theoretically kept constant along a wide out-
put current range, provided that the converter remains DCM operated.
From the presented output ripple model, the main drawback of the pro-
portional switching frequency modulation is the output voltage ripple
increase as the output current becomes lower.

From the output ripple increase observation, it has been proposed to
extend the output current to a wider range (I, = SmA — 100mA),
where the output voltage ripple should be kept lower than S0 mV.

The wider output current range consideration has further constrained the
design space, excluding the previously found design. As a consequence,
a new optimized design has been obtained, offering poorer performance
factors: n = 68.51% and Ao = 3.77 mm?. In this case, the design
variables have been found to be: L = 20.9nH, C, = 18.6nF, C, =
3.6nF, f; =51.79MHz.

Taking into account the design constraints from the additional circuitry,
finally, the selected design to be implemented has been determined to
operate at a lower switching frequency.

The selected design to be integrated provides a power efficiency of
69.68% and an area occupancy of 5.08 mm?2. The main characteristics
of the converter are: L = 26.73nH, C, = 25.89nF, C, = 5.07nF,
fs = 37.28 MHz (for I, = 100 mA).

From the area occupancy distribution of each component it has been
concluded that:

e The power switches and drivers represent an insignificant portion of
the total occupied area.
e Most of the area is occupied by the C,, (and C,) capacitors.
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e The lack of a balance between the inductor area and the capacitors
area stems from the fact that a larger inductor would drive the con-
verter into CCM operation, which increases the overall losses, because
of the higher switching losses (although the conduction losses would be
reduced due the lower inductor current RMS value).

® On the design of additional control circuits required by the 3-level converter
to provide improved switching behavior, the main obtained conclusions are:

e From the use of synchronous rectification on both the classical Buck con-
verter and the 3-level converter (particularly for DCM operation), several non-
idealities in their behavior appear: the NMOS turn-off at the i;, = 0 condition,
the body-diode and shot-through events, and the inductor resonance with the
x-node parasitic capacitor. The circuits designed to correct all these undesired
issues compose what in this work has been called as the secondary control
loop.

e After the revision of the most important error sources in conventional designs
(that would result in too high power losses), a new method to adjust the NMOS
switch-off action has been proposed, hence achieving improved synchronous
rectification.

— Instead of high speed and accurate circuits, the proposed method takes ben-
efit from a feedback loop to adjust the 7> state duration, until the Zero-
Current-Switching condition is achieved.

— The proposed method is based on the v, voltage monitoring and the iden-
tification of events which are indicative of the inductor current sense at the
moment to switch-off the NMOS power transistor.

— The events detection is stored in a capacitor voltage, which is used to adjust
the T, duration.

— The use of a single transistor as a very compact and fast voltage comparator
has been proposed to detect the required events that result from the NMOS
switch-off before or after the i; = 0 condition.

— Proper operation has been obtained from the method as applied to the
designed 3-level converter, achieving NMOS transistors switch-off at i; =
6.6 mA and i; = 8.6 mA (from transistor-level simulations).

e The body-diode conduction and the shot-through events have been addressed
in this work, in order to approach the converter behavior to its expected oper-
ation and reduce the switching energy losses.

— The presented method, similarly to the one used to adjust the 7, duration,
is based on a feedback loop which progressively adapts the dead-time in
order to avoid both undesired issues and obtain near ideal Zero-Voltage-
Switchings.

— The body-diode conduction (due to an excessive dead-time) detection by a
single transistor voltage comparator has been proposed.
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— It has been proposed to detect the shot-through event (due to a too short
dead-time) by means of an observer where the injected charge due to this
event is stored in a capacitor, whose voltage changes with the detection.

— From transistor-level simulations, the proper functionality of the proposed
method when applied to the designed 3-level converter has been observed.
The dead-time is progressively adapted until the body-diode is eliminated
without producing the shot-through conduction.

e It has been considered to cancel out the noisy resonance oscillations between
the inductor and the x-node parasitic capacitor, by the inductor short-circuit
along the inactivity states.

e The complete layout design of the whole secondary control loop and the
3-level converter has been presented.

e Proper operation of the whole developed system has been obtained by
transistor-level simulations (where possible, post-layout simulations, includ-
ing all the parasitic components from the layout design, have been presented).

e Global transistor-level simulations of the complete system have shown the out-
put voltage increase as the 7> duration and the dead-time are properly adjusted,
which implies the expected power efficiency increase (since the input control
signal duty-cycle remained constant).

e Unfortunately, the designed secondary control loop circuits have resulted
unable to operate at the selected switching frequency of f; = 37.28 MHz,
according to the transistor-level simulations. As a consequence, and holding
the f;/1, proportionality of the selected design, the output current has been
setto I, = 50 mA and the switching frequency to f; = 18.64 MHz.

e Simulations for different output current values (ranging from I, = 390 pA to
I, = 50mA) have been carried out to observe the output voltage, the power
efficiency and the output ripple evolutions.

— The obtained power efficiency has been found to closely match that pre-
dicted by the design space exploration results, which validates the presented
loss models.

— It has been observed that the proportional switching frequency modulation
as a function of the output current keeps the power efficiency rather constant
for about 2 decades of 1, values.

— The predicted output ripple increase as the output current is reduced (as
well as the switching frequency) has been observed, from the simulation
results.

— Additionally, it has been found that the output voltage is maintained along
the whole considered output current range.

8.2 Future Research Lines

From the presented work, various future research lines arise, namely:
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e A proportional adjustment (instead of a binary one) of the four feedback loops
of the secondary control should be implemented, since this could speed up the
loops settling. This means that the correction on the feedback voltage could be
proportional to the magnitude and duration of the detected event. In this respect,
a study of the four secondary control loops dynamics would be interesting to
optimize their response time as well as to guarantee their stability.

e The power loss comparison between the use of a diode rectifier, versus the
synchronous rectification scheme, should be accurately studied, and eventually
revalidated. This proposal stems from the fact that the high switching frequency
operation increases the switching losses not only from the NMOS power switch
but also from the required driver. Consequently, a very high frequency operation
could produce as much energy losses as the resulting from the diode rectifier
option.

Additionally, if DCM operation is pursued, the use of a diode rectifier would
avoid the requirement of detecting the i;, = 0 condition to turn-off the NMOS
power switch. Even more, the body-diode and the shot-through issues would not
be present.

e Obviously, the design of a primary control loop should be accomplished prior
to the converter application to a final powered-system-on-chip (PSOC). It is sug-
gested to design an efficiency oriented control that includes the Pulse-Frequency-
Modulation (in order to keep the power efficiency), taking into account the par-
ticular operation and characteristics of the 3-level converter.

e The operation of the presented secondary control loop design should be tested
and eventually extended to the case of V,, > %

e A seamless transition secondary control loop should be designed considering the
eventual transitions between the DCM and CCM operating modes, due to the
application dynamic changes (V,, I,,).

e The effect of a converter topology that provides a larger number of voltage levels
(i.e. a n-level converter) on the power losses could be evaluated. This suggested
future research line arises from the fact that x-node switching voltage levels
closer to the output voltage reduce the inductor current RMS value which, in
turn, reduces the resulting conduction losses.

e The resulting converter dynamics should be studied, since a wide band dynamics
is expected from the reactive components reduction, required to integrate them.
Interesting energy-saving techniques such as the Average Voltage Scaling (to
reduce the power consumption from digital systems) and the Envelope Elimi-
nation and Restoration (to improve the power efficiency of RF power amplifiers)
could benefit from the expected wider band operation.

e The generated interferences (due to the inductor magnetic field) should be accu-
rately studied, as well as their impact upon the functionality of the circuits sur-
rounding the inductor.

e From the particular layout disposition of both converter capacitors (Cy and C,), a
capacitive coupling between them is expected. This non-ideality should be stud-
ied, in order to prevent its effects on the converter performance.
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e It could be interesting to study the need of a start-up circuit and eventually
develop it.

e The thermal effect of the unavoidable power losses upon the circuits surrounding
the power converter should be also studied.






Appendix A
Equilateral Triangular Spiral Inductor Detailed
Calculations

A.1 Self-Inductance of a Triangular-Shaped Single Inductor

The self-inductance of a single triangular coil is first calculated. This process is
subdivided in the following steps:

1. The magnetic flux density (B) due to the current flowing along one of the triangle
sides is found for any point (x, y) of the plane containing the inductor.

2. The magnetic flux (@) flowing through the area enclosed by half of the triangle
is calculated by the integration of B with respect x and y, taking into account the
relationship y = f(x) singular of the triangle oblique side.

3. Finally, the effects upon the whole triangle are combined (in fact a multiplica-
tion by 6 is needed because of symmetry of effects), and the self-inductance is
obtained by means of the ratio L = %.

A.1.1 Application of the Biot-Savart Theorem to Calculate
the Magnetic Flux Density

According to the Biot-Savart theorem:

ol dl x ag

B = -
4 C R2

— ag is the director vector of R (A.1)

And considering the notation from Fig. A.1, the following relationships can be
applied:

dl = dx sa,
aR = ax (x — xs) +ayy (A.2)
dl x aR = aRydxy
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Fig. A.1 Basic notation for
the self-inductance
calculation of a triangular coil

Resulting in the expression of the magnetic flux density in any (x, y) point:

I [ dx s
Bz%ﬁ—/ il (A3)
4 J_,

Vot -xp)’

where x ¢ is any is the horizontal coordinate of the source point, and a, is the director
vector of the magnetic flux (perpendicular to the (x, y) plane).

Here, it is interesting the following variable change: xy = o + x — dxy = do.
By means of the corresponding integration limits change, the magnetic flux density
in any point (x, y) due to the / current flowing through the side C1, is obtained:

wl a+x a—x
B=a, — + (A4)
“an [mz +@+x? 3w+ —x)z}

Applying geometry the conductor thickness (radius r) can be included in the
integration limits of the triangle area to calculate the magnetic flux flowing through
it. The detail of these geometrical considerations can be found in Fig. A.2.

Therefore, the new integration limits considering the magnetic flux of half of the
triangle area are found.

Xpmax =0 xmin:\/gr_a
Ymax = \/§Cl =2r  Ymin=r (43)
A.1.2 Magnetic Flux Density Integration Throughout Half

of the Triangle Area

First, the magnetic flux density integration is carried out along the x coordinate.
Thus, integration limits are a function of y, yielding an expression equivalent to the
magnetic flux differentiation respect of y:

do 0
—_— = /de —> \ y+2r (A.6)
dy 5 4
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Fig. A.2 Change in integration limits to include the conductor radius in the inductance calculation

With this limits the evaluation of the first term of (A.4), by means of the variable
change k = a + x, is as follows:

1 ke JHPvad 2
e Ly (SR (A7)
yv/3

y Sy 4 k2 y

And the second term of (A.4) is evaluated by means of using k = a — x:

lfa —kdk 2 \/2+32+2+ V3ay — 24/3
— = y a? +r?+ yr —+/3ay — ar
y 2(:—% \/y2 + k2 y\/g

/yz +a2

_yy ras (A.8)
y
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And merging the results from (A.7) and (A.8), the d® /dy expression is found:

do  ul
dy 243wy

|:\/)’2 + (r - 3«/§a> y+ (r - 3J§a)2 - \/m}
(A9)

To integrate (A.9) respect y, it is necessary to take into account the following
relationship:

2 2
VY +yb+b
LR ey

b b 2b
+ 3 In (5 +y+4/y2+yb+ bz) — barctanh <$>

2/y* + yb + b?

(A.10)

The integration of both terms of (A.9) between [r, V3a — Zr], and the pos-

terior sum of both results, yields the expression of the magnetic flux through
one half of the triangle area, due to the current just flowing through one of
the sides.

wl r —+/3a 2kar + /3a — 3r
b = In +
237 2 2kar — ~/3a + 3r

+ (r — x/ga) |:arctanh <;/k§a) + arctanh <M>:| — ko + 37—

ar 2kar
r 2kar + 2+/3a — 3r V3 V3a
——1In — r | arctanh | — ] — arctanh
2 (3 +2V3)r 2 2kar
(A.11)
kar = \/ 3a2 + 3r2 — 3\/3ar (A.12)

A.1.3 Self-Inductance Obtention

The final step is to multiply the magnetic flux by 6 (since the triangle has two halves
and the current flows through each of the 3 sides), and dividing by the current that
generates the magnetic flux.
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_ \/§M r—ﬁaln 2kar+«/§a—3r
T 2 2kar — N3a + 3r

3 3r —243
+ (r — x/ga) arctanh V3a + arctanh r—\/_a — kar +/3r—
2kar 2kar

L In 2kar +2+/3a —3r — r | arctanh é — arctanh V3a
2 (3 + Zx/g)r 2 2kar

(A.13)

L

In Fig. A.3, the results from (A.13) are contrasted against those produced from
Grover’s expression [72]:

L=6x 1075, [m (S"”) — 1.40546 + ﬁ] (A.14)
r 4

where u, is the relative permeability of the wire material, which is 1 in most
cases.

25

----- Grover’s approach
Complete expression
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Fig. A.3 Single equilateral triangular inductance. Comparison with Grover’s expression results

The comparison reveals a good matching between both expressions, although
results from Grover’s expression are slightly more optimistic.

A.2 Self-Inductance of the Whole Triangular Shaped Spiral

The spiral total self-inductance can be determined as the sum of the self-inductance
of each coil plus the mutual inductances between all the possible combinations of
pairs of coils.
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np o np

L:ZZLU (A.15)

j=li=1

In previous section the self-inductance of a triangular coil has been determined.
Thus, all the terms where i = j can be calculated with the aforementioned expres-
sion. On the other hand, in case of mutual inductances (L;;j, i # j) it is observed
that L;; = Lj;, by reciprocity. This means that given two different coils i and j
(being i greater than j) the net magnetic flux generated by the I current of i that
passes through the area of the triangle j, is equal to the net magnetic flux generated
by j that passes through the area enclosed by i, provided that the same current flows
through both coils. This concept is clarified n Fig. A.4.

Outcoming flux lines Incoming flux lines

Fig. A.4 Reciprocity effect on mutual inductance of two different coils

Now, it is observed that in case that the source coil is the larger one, the com-
putation of the mutual inductance is similar to the self-inductance expression for a
single coil, but just the integration limits must be changed accordingly. Figure A.5
shows how integration limits change as the j coil becomes inner.

The new integration limits are as follows:

Integration along x — [x = YE2rEpU=D) gy = O]

V3
Integration along y —> [y =r4+p(j—i)y; y= V3a —2(r + p(j — i))]

(A.16)
The corresponding integration of (A.4), and the subsequent product by 6

and normalization respect the I current, results in the expression of the mutual
inductance L;;:

Lij =

Vi | 4 pG = i) = Bai | (2K, +V3a =30+ pG=D))
7 2 2k}, — ~/3a; +3(r + p(j — i)

+ (4 p(j =) = 3a:)
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Fig. A.5 Mutul inductance calcultation. Integration limits changes as the target coil becomes inner,
and far from the source

: M 2 3
arctanh V3ai + arctanh 3+ pG =) —2V3a; \ |
2%, T

—ky + 30+ p(j =) -

r+pG =), 2k, +23a; =3 + p(j — i)
In —
2 B+2V3) + p(j — 1))

—(r+p(j—1) [arctanh (?) — arctanh <\2/k§/ai )i|j| (A.17)

k. :\/3a?+3(r+p(j—i))2—3«/§a,-(r+p(j—i)) (A.18)

_ Sext

a; = )

—q(j —1) (A.19)

where qg; is the side length of the ith coil. It is noted that expression (A.17) is a
more general case of the self-inductance expression (A.13), which corresponds to
the particular case of i = j.

Finally, by means of iterative calculations where the source coil dimensions are
changed (a;), as well as the integrated area for all different coils, the total self-
inductance of the triangular spiral is computed. The results for the particular case of
r = 12.5um and p = 50 wm are shown in Fig. A.6.
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Fig. A.6 Inductance of a triangular spiral inductor as a function of the number of turns and the
outer side length

From these results, some saturation of the total inductance as the number of
turns increases is observed. This effect arises from the fact that as the number of
turns increases while keeping constant the outer side length the inner coils become
smaller, as well as their contribution to total inductance.



Appendix B

On Power Losses Related to the Capacitor
Charging Process from a Constant Voltage
Source

Figure B.1 shows the considered circuit: a constant voltage source is used to charge
a capacitor by means of a resistive path, and a switch is used to control the charging
process duration. The expression of the instantaneous current as well as the instan-
taneous power dissipated on the resistor due to Joule-effect are the following.

Vin =t
i(t) = —¢€RC B.1
(1) R (B.1)
b
pt) =i"()R (B.2)
Fig. B.1 Considered circuit R
for the lost energy evaluation AVAVAY,
purposes _I(t)> +

The total lost energy along the whole capacitor charging process is obtained from
the instantaneous power integration between (0, co) boundaries (considering that
the initial capacitor voltage is 0).

Y _ Vi€
Er= | i*(t)Rdt = (B.3)
0

2

On the other hand, the total energy provided by the voltage source is:
o
Eg = / i(1)Vip(t)dt = V2C (B.4)
0

Thus, it is observed that the lost energy is independent of the path resistance and
that half the energy is lost after charging the capacitor from O to the input voltage.
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This last result matches with the well-known expression of the energy stored in a
capacitor (%Vian .

Besides this straightforward result, it is very interesting to determine the energy
lost in case that the capacitor charge process is stopped before the capacitor reaches

the input voltage (this is, it is partially charged). In this case, the instantaneous power
p(t) is integrated from O to ¢.

-2 =2t

Er(1) = /tiz(t)Rdt = Y€ [1 _em] (B.5)
! 0 2 )

Because the lost energy is a function of the time, as the capacitor voltage is, it
can be stablished a relationship between the lost energy and the capacitor voltage:

(B.6)

Er() = ve(0)C [v - “C(’)]

2

And the same can be stablished referred to the energy supplied by the source:
Eg(t) = vc()CVin (B.7)

Therefore, the energy efficiency of the charging process can be expressed in
terms of the final capacitor voltage (V).

Eg — ER Ve
%) = —— =
n(%) Eq 2V,

100 (B.8)

50 T T T T

40t

30t

20t

Energy efficiency (%)

10t
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Normalized capacitor state of charge (%)

Fig. B.2 Efficiency of the capacitor charge process from a voltage source as a function of the final
state of capacitor charge (normalized to the source voltage)
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This results are exposed in Fig. B.2, where the final capacitor voltage is normal-
ized to the input voltage. It is observed that the maximum attainable efficiency is
just 50% (being the capacitor fully charged), whereas lower final capacitor voltage
could result in much lower efficiency.






Appendix C

Proportional Switching Frequency Modulation
Towards Power Efficiency Optimization

for DCM Operated Converters

C.1 Switching Frequency Modulation for a Buck Converter

When addressing the implementation of a low-power converter it is very important
to keep power losses as low as possible if an acceptable power efficiency is required.
Often, this applications result in the DCM operation of the corresponding switching
power converter, specially if wide output current range is demanded by the load,
because of its own different working modes (usually intended to reduce power
consumption).

In such cases, the required output current can range from few hundreds of
milliamperes down to tens of microamperes. When maximum output current is
provided, the power converter may operate in CCM (depending on the converter
design); nevertheless, as the output current becomes lower DCM mode is unavoid-
able if switching frequency is kept constant.

Because of switching losses, very poor power efficiency may result when sup-
plying low output current if constant switching frequency is maintained. Therefore,
modifying properly the switching frequency as the output supplied power changes,
becomes fundamental.

In [27] and [28], Arbetter et al., from analytical power losses models, stated that
power efficiency remains constant as the output current changes if switching fre-
quency is set proportional to /,, provided that the converter remains DCM operated.

fv =kl, (C.1)
In the following an explanation on the benefits of this linear modulation of the

switching frequency is provided.
The T,, expression for a classical Buck converter when it operates in DCM is:

21,V,L
Ton =\/ 22 (C.2)

fs Voar(Vpar — Va)

After applying the proportional ratio between f; and I,, the T,, duration
becomes independent of the output current and the switching frequency, as well.
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21,V,L 2V, L
Ton = 7 = . (C3)
hoVbat(Vbat - Vo) kaat(Vbat - Vo)

This means that as long as the input and output voltages remain constant, the
Tyn and, in turn, T,y states duration are unchanged. Therefore, the inductor current
waveform is exactly the same and just the inactivity state duration (7;) is changed
with the switching frequency (and the output current).

As aresult, if no energy losses are considered along 7; (this is, negligible control
circuitry consumption and capacitor self-discharging current), energy losses only
occur in the 7, and Ty states.

Whatever energy losses are modeled (with more or less complexity), they will
remain exactly the same for every inductor current pulse sent to the output capacitor.
Thus, if Ejyges is the total amount of energy losses for any time that energy is sent
to the output capacitor (through 7,,, and Ty states), it can be easily established that
total power efficiency remains constant (as stated in (C.4)).

Pous 100 = Vol . Vo
P out + P losses Vo 10 + fs Elosses Vo +k Elosses

n(%) = (C4)

It is observed that after applying the (C.1) relationship, the total power efficiency
becomes independent of the output current. Besides this, it is interesting to note that
the proportionality between f; and I, establishes that no switching activity would
be required in case of no supplying any current at the output.

In Fig. C.1, the resulting power efficiency as a function of output current is com-
pared against a constant f; Buck converter.

The results from the figure reveal the importance of reducing the frequency as
the output current is reduced in order to keep an acceptable power efficiency.

Since the proportional f; modulation is intended to keep the power efficiency as
the output current changes, it becomes fundamental to get the k value that maxi-
mizes (or optimizes) the power efficiency. In case of developing analytical models
for all the energy losses, an analytical procedure could be derived to find the k value
that optimizes the power efficiency. However, in this work, such models are not
available and the k factor is obtained by means of the design space exploration. This
is, the optimum k value is determined as the ratio between the switching frequency
and the considered output current for the selected design from the design space
exploration results (provided that the converter is DCM operated).

Another important consequence that results from the proportional modulation of
the switching frequency is that a maximum output current value exists that keeps
the power converter in DCM operation (stated by (C.5) expression).

Vo(Vbar — Vo)
Iofmax?DCM = %bko (C.S)
at
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Fig. C.1 Classical Buck converter efficiency as a function of the output current. Constant switching
frequency against linear modulation are compared

Beyond this upper boundary, the converter becomes CCM operated and the pro-
portional ratio between the output current and the switching frequency, no longer
guarantees that the power efficiency is optimized.

C.2 Extension to the 3-Level Converter Case

From the operation basics of the 3-level converter, all the previous reasonings could
be applied to it as well.

Conceptually, the DCM operation of the 3-level Buck converter is similar to the
classical Buck converter, specially is large C,, capacitor is considered. In case of low
C, value, the reasoning could be applied as well since, despite the pseudo-resonant
shape of the inductor current and v, (#) waveforms, the fact that all the current pulses
remain identical for any half of the switching period still holds.

This is, independently of connecting the C, capacitor to the input voltage (77)
or to ground (73), all nodes voltages and currents exhibit the same waveform. As
a consequence, any power losses resulting from the converter operation will be the
same for any Ty — T3 or T3 — T sequences (that are equivalent to the Ty, — T
sequence of a classical Buck converter), which leads to the same reasoning stated
by (C.4).

Hence, reducing the switching frequency as the output current becomes lower
will result in an increase of the T} and T inactivity states duration.

Here, the main issue is that it is difficult to demonstrate that power efficiency
remains constant as long as the switching frequency is kept proportional to the
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output current, because no analytical solutions were found for 7 (and 73) states
duration. However, in Fig. C.2 the model results are exposed and compared against
the case of applying a constant switching frequency. The derived benefits, in terms
of power efficiency, become clear, as in case of the classical Buck. Just an overall
increase of the power efficiency is observed, due to the more proper operation of the
3-level converter.

100
90 q

70 k

60 | ]

N (%)

50 | Transistor-level simulation results

40t

30+

f. =37.28 MHz

1078 1074 1073
lo (A)

1072 1071

Fig. C.2 3-level converter efficiency as a function of the output current. Constant switching fre-
quency against linear modulation are compared

In Fig. C.2, transistor-level simulation results (when f; = kI, is applied) are
depicted and contrasted against the model results. It is observed that, for more
than a decade, power efficiency remains relatively constant. However, for I, values
lower than 1 mA the power efficiency is decreased, mainly due to unconsidered
non-idealities such as the leakage current of the power transistors (whose effect
becomes more important for such low output current).

C.3 Output Voltage Hysteretic Control as an Approach
to the Linear Modulation of the Switching Frequency

C.3.1 Application to an Ideal Classical Buck Converter

In case of a classical Buck converter, one of the simplest feedback control methods
is the output voltage hysteretic control [120—122]. Roughly, its operation is based
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Fig. C.3 Output voltage hysteretic control of a classical Buck converter, by means of a voltage
comparator

on the comparison of the output voltage against two voltage thresholds and the cor-
responding necessary action on the power switches (Fig. C.3).

Since the duration of the output capacitor charge and discharge processes varies
with the output current value I,,, it is observed a switching frequency modulation as
a function of the output load, implicit with this control method. From the parameters
of an ideal buck converter and the two voltage thresholds of the hysteretic controller
(Vi_on and V;_or) an analytical expression of the resulting switching frequency can
be found, by means of the corresponding expressions of the three different states of
a DCM operated switching power converter (Ty,,, Ty, T;).

IoL + 1212 +2L.Co(Ve_ogr = Vi_on) Vo — Vo)

Ton = C.6
on Vo =V, (C.6)

I,L + \/13L2 +2LCo(Vi_off — Vi_on) Vpar — Vo)
Toff = v (C.7)
[
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. (Vt_aﬂ - Vt_on)Vbatco

T C.8

i Vil (C.8)
fs = 1 (C.9)
X_Ti'i‘Ton'FToff .

From expression (C.8), it is observed that, theoretically, the hysteretic control
keeps the buck converter operating in DCM for any output current value, since T;
never becomes zero (except for an infinite output current). This fact can be observed
in Fig. C.4 (solid line).

Switching frequency fs (Hz)

10 0
OQutput Current lo (A)

Fig. C.4 Implicit switching frequency modulation resulting from hysteretic control application
contrasted with transient simulation results (Rc, = 0)

Actually, expressions (C.6), (C.7) and (C.8) hold only as long as the low output
ripple assumption holds. Thus, a hysteretic controlled buck converter does change
to CCM when a certain value of output current is reached. This behavior is observed
in Fig. C.4, where simulation results for f; are depicted as a function of 7, (cross
points). Additionally, it is observed that despite the asymptotical reduction of 7;
towards zero (for I, — 00), Ty, and 7,pf are increased resulting in a switching
frequency reduction that keeps the converter DCM operated.

C.3.2 Effect of the Output Capacitor ESR Upon the Switching
Frequency Modulation

When the effect of the capacitor ESR (R, ) is taken into account, the behavior of the
implicit frequency modulation of the hysteretic control changes and the shift from
DCM to CCM appears even when the low output ripple assumption is considered.
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This change is inferred from the corresponding expressions of Ty, Ty and T;.

. IoL - RC,,CU(Vbat - Vo) + \/&

T, C.10
o — (€.10)
I,L — Rc,Co(Viar — V.
To _ 0 C, 0( bat 0) + \/a (Cll)
g VD
Vit Co | R2, CoWVoar = Vo) + L(Vi_a = Vi_on) = Re, (& + 1,L)
T =
’ LV,I,
(C.12)

2
o = [IOL - RCUCO(Vbat - Vo)] + 2LC0(Vt_0ﬁ' - Vt_on)(Vbat - Vo) (C13)

From expression (C.12) it can be stated that, as long as Rc, is higher than zero,
there is an I, value that results in a zero 7;. Thus, if the capacitor ESR is considered,
the operation mode will change from DCM to CCM. The output current value at
which the operating mode changes can be derived from (C.12):

_ Vt_oﬁ - Vt_on

I
¢ 2Rc,

(C.14)

Again, it is confirmed that the shift from both operating modes is only possi-
ble if the Rc, is higher than zero (considering the low output ripple assumption to
hold). Because of the shift between both operating modes, it is necessary to find out
expressions that model the switching frequency in case of CCM operation.

_ L(Vt_oﬁ - Vt_un)
7 Re, (Voar — Vo)
. Vo _ VoRCU(Vbat — Vo)
"~ VeaTon  VeaL(Vi_og — Vi_on)

(C.15)

s

(C.16)

It should be noted that when the Buck converter changes to CCM operation, the
switching frequency becomes independent of the output current. Therefore, it will
remain constant as the I, changes. Implicit switching frequency modulation when
Rc, # 0 from expressions (C.10), (C.11), (C.12), (C.13), (C.14), (C.15) and (C.16)
is depicted in Fig. C.5. Different values for Rc, have been used, and simulation
results to observe their match with theoretical expressions are also depicted (cross
points), for the case of Rc, = 0.1 ;0.2 Q.

C.3.3 Optimum Switching Frequency Modulation vs. Output
Voltage Hysteretic Control

From Figs. C.4 and C.5, it is inferred that the output voltage hysteretic control
of a buck converter generates an implicit frequency modulation with the same
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Fig. C.5 Implicit switching frequency modulation resulting from hysteretic control application
contrasted with transient simulation results (Rc, = 0.1 Q and R¢, = 0.2 Q)

trend than the optimum one, for low output current values. Since the frequency
modulation resulting from the hysteretic control application as I, changes is a
curve that asymptotically approaches a linear function for low [, values, the
values of V; ,, and V; o7 can be adapted to make those trends almost coinci-
dent for a wide range of output current, resulting in optimum power efficiency
for the hysteretic control application case. The relationship between V; ,, and
Vi_of that produces the matching of the optimum switching frequency and the
resulting one from hysteretic control, for a given output current value, is the
following:

Vo
Vbatk Co

2V,
mekch(me - Vo)
(C.17)

Vt_oﬂ - Vt_on = - [IOL - RCOCO(Vbat - Vo)]\/

In Fig. C.6, the effect of the matching between both frequency modulations when
(C.17) is applied can be observed. Different Rc, values have been used.

Since it is observed that an increase in the capacitor ESR results in a switching
frequency increase (Fig. C.6), V; o, and V; . values should be adjusted for any
capacitor ESR value, to improve matching with the optimum frequency modula-
tion. It is concluded that the implicit switching frequency modulation resulting from
the hysteretic control application, when it is properly designed, is very close to the
optimum one for a wide range of I, values.
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Fig. C.6 Implicit switching frequency modulation resulting from hysteretic control application
with voltage thresholds adjusted to match the optimum switching frequency (Rc, = 0.1  and
Rco, =0.29Q)

C.3.4 Energy Efficiency Comparison Between Hysteretic Control
and Optimized Linear Laws

Once both frequency modulations can be matched by means of the voltage thresh-
olds modification, the consequent energy efficiency as the output current varies can
be compared between the optimum linear one (presented in Sect. C.1), and that one
arisen from the application of the output voltage hysteretic control.

In Fig. C.7, the obtained power efficiency for different Rc, values is depicted for
both frequency modulations (solid lines correspond to optimized linear laws, and
dotted lines correspond to hysteretic control).

Some observations are derived from Fig. C.7:

e An increase in Rc, generates lower power efficiency, due to conduction losses,
for low output current values.

e The linear and quasi-linear evolutions for reduced output current values produce
rather constant power efficiency at that load range, which is derived from the fact
that the switching frequency is proportional to the output current.

e Then quasi-optimum linear laws are applied, as the converter approaches the
CCM operation, the effect of Rc, becomes insignificant.

e As [, increases, the mismatch between the optimum switching frequency and
that one generated by the hysteretic controller is increased as well. This results
in the consequent lower power efficiency in case of hysteretic control.
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Fig. C.7 Power efficiency comparison between the quasi-optimum linear laws and the hysteretic
control application (Rc, = 0.1 Q and R¢c, = 0.2 Q)

It is noted that an increase in Rc, generates higher power efficiency at high I,
if the hysteretic control is applied, since the implicit frequency modulation is closer
to the optimum one.

C.3.5 Output Voltage Ripple Produced by the Hysteretic Control
Application

Another factor to be taken into account in the complete design procedure of a
switching power converter is the magnitude of its output voltage ripple. If the
optimum power efficiency is targeted, increasing the switching frequency is not
a possible strategy to reduce the output ripple. In case of the optimized linear
laws there is no relation between the f; ,p; and the output capacitor value (dis-
regarding its relationship with the corresponding ESR value). Thus, in this case
the output capacitor can be increased if an output ripple reduction is required
(at the cost of larger passive components that increase the converter occupied
area).

When the output voltage hysteretic control is considered, a combination of volt-
age thresholds (V;_o, and V;_,¢) and the capacitor value (C,) is needed to concur-
rently keep the switching frequency modulation as close as possible to the optimum
variation, and obtain the specified output voltage ripple.

Defining the output ripple as the difference between the maximum (V,,_j,4) and
the minimum (V,,_,;,) values of the output voltage along a switching period, ana-
Iytical expressions can be found for these values for both operating modes.



C.3  Output Voltage Hysteretic Control 291

In case of DCM operation:

[Re,Co(Voar = Vo) = LL]

Vo min = Vi on — C.18
o_min t_on oL Co(Vbat — Vo) ( )
provided that the following expression holds:
Re Co(Vpar — V,
1, < Co of Zat o) — Vo_min = Vt_on (C.19)
And for Vi, jax:
2
[(IL max — lo)L — RCOCOVO]
V, =V, = C.20
o_max t_off + 2LC0 Vo ( )
where I, 4y 1s the maximum inductor current in a switching period:
I,L — Rc,Co(Vpar — V.,
IL max = — €oCoWhar = Vo) + v/t (C.21)

L

and « is defined as in (C.13).
In this case, if the following I, value is exceeded, V, ,uqx has Vi o as lower
bound:

RCO Co Vo

I — Vo_max = Vt_oﬁ (C.22)

I, > 1 L_max —
If the converter operates in continuous conduction mode:

2
Vbar — Vo) [Ton - 2RC0C0]
8LC,

(C.23)

Vo_min = Vt_on -

where T, is defined as in (C.15).
In this case, V,,_,ip is limited to V;_,, if the following expression holds:

Ton < 2RC0C0 — Vo_min = Vl_on (C24)
The maximum output voltage in CCM operation is:

2
[(Vbat = Vo)Ton — ZV()RCOC()]
8LC,V,

Vo_max = Vt_oﬁ’ - (C25)
Again, T, is defined as in (C.15).
The V,, max value is restricted by the following limitation:

2VoRc,C
Ton < e Vo_max = Vi_off (C.26)
Voar — Vo
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Since the switching frequency is a constant function of I, when the converter
operates in CCM, it is noted that the output ripple exhibits the same trend, as stated
in expressions (C.23), (C.24), (C.25) and (C.26).

It should be noted that previous expressions hold provided that the low ripple
assumption holds.

The V, min and V, nax evolution as a function of output current is depicted in
Fig. C.8 for different Rc, values. Solid lines correspond to expressions from (C.18),
(C.19), (C.20), (C.21), (C.22), (C.23), (C.24), (C.25) and (C.26), while crosspoints
represent transient simulations results. As observed in the figure, for Rc, = 0.2 Q2
the output ripple becomes independent of the output current because of its relatively
high value.

1.8 EREEL ; ;

Rec=0.10hm; Model results —
Rc=0.10hm; Simulation resuits <+ i :
Rc=0.20hm; Model results — i
Re=0.20hm; Simulation results + :

Vmax & Vmin (V)

10
Output Current lo (A)

Fig. C.8 V, juax and V,, ,,;, values as a function of output current (Rc, = 0.1 Q and R¢c, = 0.2 Q)

Figure C.9 shows the output ripple (V,_max — Vo_min difference) as a function of
the output load.

Figure C.10 shows a sample of the transient domain simulations that were carried
out for the implicit frequency tuning laws resulting from the hysteretic control appli-
cation. The temporal evolution of both the inductor current and the output voltage
ripple are shown, for an output current linear ramp. The temporal axis is presented in
a log scale in order to increase the envelope similarity with the output ripple results
from Fig. C.8.

From the precedent analysis, it is observed that the output voltage ripple and
the switching frequency (and in turn the resulting power efficiency), depend on the
output capacitor value and the hysteresis width.

Usually, the output load current and input and output voltages are design spec-
ifications. Additionally, the inductor value can be constricted to a narrow range of
values, particularly when fully integration is targeted, due to their higher difficulty
to integrate them on chip.
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Fig. C.9 Output ripple as a function of output current (Rc, = 0.1 Q and R¢, = 0.2 )
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Fig. C.10 Inductor current and output ripple for a quasi-static current ramp

Hence, design guidelines can be derived from the previous analysis. In Fig. C.11,
the power efficiency and the output ripple, considered as quality factors of a switch-
ing power converter, are presented as a function of the main capacitor value and
the hysteresis width. Color areas correspond to pairs of capacitor-hysteresis width
values that produce output ripple lower than a determined value (20, 60, 80, 100 mV,
from lighter to darker, respectively). Additionally several level curves are depicted
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Fig. C.11 Output voltage ripple and power efficiency as a function of the output capacitor and the
hysteresis cycle width

to border the areas where power efficiency is comprised in a range of values (in the
figure, from left to right: 50, 70, 80, 82, 84, 85, 85, 84, 82%).

As a design example, if L = 100nH (R = 0.44 Q), Vppy = 3.6V, V, =18V,
I, = 100mA are the design specifications, a 100nF (Rc, = 0.1 €2) capacitor and a
60 mV hysteresis cycle, would results in a power efficiency higher than 85% and an
output voltage ripple lower than 80 mV.

C.3.6 Effect of the Feedback Loop Delay Upon the Switching
Frequency Modulation

Another nonideal effect to be taken into account in the description of the implicit
frequency modulation arisen from the hysteretic control application is the propaga-
tion delay of its corresponding control loop. Since this delay is unavoidable in any
real implementation of the control system, its effect should be considered, especially
in high frequency designs such as the target application.

Although no closed analytical expressions of the corresponding frequency mod-
ulation when the propagation delay is considered could be found, its impact on the
switching frequency is described in the following.

Two different delays are present in the feedback loop: propagation delays in the
main transistor switch-on and switch-off transitions (z5_o, and t4_q, respectively).

The main effect upon the switching frequency modulation is produced by 74 o,
since this not only increases the 7, state duration, but it produces a higher peak
of inductor current (I;_qx) Which results in a longer T, interval. Additionally,
this results in a higher voltage at the end of 7,, which dramatically increases the
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T; duration. In fact, the 7; duration increase is inversely proportional to the output
current, resulting in a constant switching frequency reduction factor, for low output
current values. This behavior can be observed in the system-level simulations in
Fig. C.12, where frequency as a function of the output current is depicted for differ-
ent t4_o values (and a constant #4_o,), and compared with the ideal case (tg_on = 0
and 15 o = 0).

Switching Frequency fs (Hz)

10 10 10° 10" 10 10
Qutput Current lo (A)

Fig. C.12 Implicit switching frequency modulation resulting from hysteretic control application,
for different control loop propagation delay values (system-level simulation results)

It is observed, though counter-intuitive, that the propagation delay generates a
notable reduction in switching frequency, even when the switching period is higher
in several orders of magnitude. In order to avoid this, the propagation delays (t4_on
and 74 o) should be minimized related to the T, and T,y duration, rather than to
the switching period 7.
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